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Chapter 1

Introduction

Sigma-Delta (Σ∆) data converters have received a lot attention in numerous fields of signal
acquisition and processing, such high-quality digital audio, instrumentation and measurement,
and integrated transducer and sensor applications. However designing Σ∆ modulators re-
quires a proper understanding of its operation principle. In this chapter a general background
knowledge of the Σ∆ conversion and its benefits for medium-high resolution applications are
explained. Furthermore, the main specifications, which give the general information and de-
scribe the features and limits of the modulator, are an important issue discussed here. A
design guideline for minimum power consumption as well as the kT/C noise considerations
give a clear overview of the optimum trade-off between resolution and consumed power. Fi-
nally, a brief description of recently state-of-the-art Σ∆ architectures and its design techniques
for targeting both low power an the expected noise shaping benefit are included.

1.1 A Brief Overview of Σ∆ Concepts.

In recent years, portable electronics, such as personal wireless communication devices,
digital cameras, personal audio devices, etc., find booming markets. Powered by batteries,
their supply voltage is often limited, and the battery lifetime is of great importance for these
devices. All these factors address the requirements of low-voltage low-power system building
blocks. Furthermore the same scaling of VLSI technology, that makes possible the continuing
dramatic improvements in digital signal processor performance, also severely constrains the

11



12 1.1. A Brief Overview of Σ∆ Concepts.

dynamic range available and forcing the design to work at lower supply voltage. However, low
voltage environments make challenging the interface implementation between the digital and
analog representation of signals.

As an important building block, analog-to-digital-converters (ADCs) are widely used in var-
ious systems where the need for low power, high accuracy and small area size are of critical
importance [1], [2], [3], [4], [5], [6] . Among different ADC topologies, sigma-delta (Σ∆) modu-
lators efficiently trade speed for accuracy, providing an effective way to implement high resolu-
tion ADCs without stringent matching requirements or calibration in low voltage environment.
By means of oversampling ratio (OSR) and noise shaping, the Σ∆ architecture transfers most
of the signal processing tasks to the digital domain where the power consumption can be
drastically reduced by the technology scaling down and supply voltage decreasing.

Although the term sigma-delta (Σ∆) was used by some of the earliest researchers in the
field [7], [8], [9] the term Σ∆ has also become almost synonymous with noise shaping ADCs.

∑+_

Discrete-Time Filter

H(z)

DAC

VIN VOUT

Quantizer

Figure 1.1: Basic structure of a Σ∆ modulator.

Fig. 1.1 shows the basic structure of a Σ∆ modulator. The architecture consists of a
discrete-time filter, H(z), and a coarse quantizer enclosed in a feedback loop by a digital-to-
analog-converter (DAC) [10], [11]. The output, VOUT , is subtracted from the input signal, VIN ,
which has been sampled at a rate much larger than the Nyquist rate. The result, after passing
through the discrete-time filter, H(z), serves as an input to the quantizer itself, which usually
has a reduced number of levels. If the gain of the filter is high in the interval of frequency of
interest (FB), and low out of it, the quantization error (defined as the difference between the
output of the filter and that of the quantizer) is attenuated in said band due to the feedback
loop. This behavior has resulted in the qualifier noise shaping.

The linear model of Fig. 1.2(a) represents the quantization error with the additive noise, εq,
that is a second input of the circuit. The model includes a digital decimation filter connected
at the output of the modulator [11]. Since the analog input signal, VIN , is sampled at the
sampling frequency, FS , which is much greater than the Nyquist rate (see Fig. 1.2(b)), out
of band quantization noise is eliminated, without affecting the signal band, with the digital
decimation filter that also resamples the signal at the Nyquist rate.

Integrated Microsystems Laboratory University of Pavia
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∑+_

Discrete-Time Filter

H(z)

DAC

VIN
VOUT

εq Low Pass Filter Downsampling

D

Digital Decimator

Analog Signal Processing 

Digital Signal Processing 

VD∑

Quantizer

(a)

Digital Filter

Quantization Noise Shaping

Removed Noise
In-Band Noise

FS/2 FSFB

Band of Interest

(b)

Figure 1.2: (a) Linear model of the Σ∆ modulator. (b) Signal processing of the Σ∆ conver-
sion.

The modulator in Fig. 1.2(a) can be viewed as a two-input, vin(t) and ε(t), one output,
vout(t), system, which in the Z-domain can be represented by

VOUT (z) = VIN (z) · STF (z) + εq(z) ·NTF (z) (1.1)

where VIN (z) and εq(z) are the Z-transform of the input signal and quantization noise, re-
spectively; and STF (z) and NTF (z) are the respective signal transfer function and noise
transfer function. Equation (1.1) shows that the signal and the quantization noise are pro-
cessed differently by the modulator and the exact form of both functions will depend of the
architecture.

The simplest Σ∆ architecture is shown in Fig. 1.3. It is a first-order loop wherein the
discrete-filter consists of a single integrator with delay. The modulator implements the quanti-
zation function with a n-bit ADC, which is equivalent to the addition of a quantization error εq
of Fig. 1.2(a) [10].

University of Pavia Integrated Microsystems Laboratory



14 1.1. A Brief Overview of Σ∆ Concepts.

∑+_

Integrator

z-1
1-z-1

DAC

VIN VOUT

FLASH
n-bit

ADC

εq

Figure 1.3: First-order Σ∆ modulator.

By inspection of the circuit the output of the modulator in the Z-domain is

VOUT (z) = VIN (z) · z−1 + εq(z) · (1− z−1) (1.2)

Notice that input signal is passed through of a delay while the quantization noise is pro-
cessed by the high-pass (1 − z−1). This transfer function gives a first-order noise shaping
performance, thus the architecture of Fig. 1.3 is called first-order Σ∆ modulator.

Higher order Σ∆ modulators can be obtained by addign more than one integrator in the
forward path. This kind of architectures obviously obtains high-order noise transfer functions

∑+_
∑+_

1st Integrator

z-1

1-z-1

DAC1 DAC2

FLASH

ADC

εq2

VIN VOUT1/2 2

2nd Integrator

z-1

1-z-1

Second-Order

(a)

∑+_
∑+_

1st Integrator

z-1

1-z-1

DAC1 DAC2

FLASH

ADC

εq3

VIN VOUT1/3

2nd Integrator

z-1

1-z-1

Third-Order

∑+_

DAC3

3

3rd Integrator

z-1

1-z-1

(b)

Figure 1.4: Conventional Σ∆ modulators. (a) Second-order architecture. (b) Third-order
architecture.
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NT
F 

[d
B]

Frequency [Hz]

-20 dB/dec

-40 dB/dec

-60 dB/dec Decade

First-Order Second-Order Third-Order

Figure 1.5: Conceptual noise shaping comparison.

and gives the potential of increased resolution, but at the same time suffer special challenges
for the design and stability [12], [13].

Fig. 1.4 shows the block diagrams of a conventional second [14] and third-order [15] mod-
ulators with the proper scaling coefficients for the delayed integrators. Considering εq2 and εq3
the quantization noise of the second and third order architecture respectively, the equations
that describe the modulator outputs are

VOUT (z) = VIN (z) · z−2 + εq2(z) · (1− z−1)2 (1.3)

VOUT (z) = VIN (z) · z−3 + εq3(z) · (1− z−1)3 (1.4)

The former equation exhibits a double delay for the signal transfer function and the noise
transfer function is (1 − z−1)2, the square of the result obtained by a first order modulator. A
similar analysis exhibits equation (1.4) but it obtains and additional delay for the signal transfer
function and the expected third-order noise transfer function.

Fig. 1.5 shows the conceptual comparison of the noise shaping behavior of the architec-
tures of Fig. 1.3 and Fig. 1.4. Since with a first order Σ∆ modulator it is necessary to use
high sampling frequencies to secure high resolution, better performances and features are
obtained by using two or three integrators around the loop. At low frequencies, the NTF of the
first and second-order modulator are 20 dB/decade slope and 40 dB/decade slope respec-
tively, while the NTF of the third-order modulator has a 60 dB/decade slope.

University of Pavia Integrated Microsystems Laboratory



16 1.1. A Brief Overview of Σ∆ Concepts.

An alternative solution for high-order architectures, not discussed in this thesis work, is
the cascade of low-order modulators that obtain high-order noise shaping without incurring
in stability troubles [16], [17]. However, these architectures (also named MASH, multi stage
noise shaping) call for precise gain matching between the individual low-order sections, a re-
quirement that conflicts with the goal of designing A/D converters that are specially insensitive
to parameter tolerances and component mismatch.

A large set of specifications are used to characterize the performance of Σ∆ convert-
ers [11]. These give general information and describe the features and limits of the modulator.
The most popular specifications and its technical terms are explained as follows.

• Oversampling Ratio (OSR). In signal processing, oversampling is the process of sampling
a signal with a sampling frequency, FS , significantly higher than twice the signal band-
width FB . Oversampling helps avoid aliasing, improves resolution and reduces noise
but increases the consumed power of the modulator. The oversampling ratio is defined
as

OSR =
FS

2 · FB
(1.5)

• Signal-to-Noise-Ratio (SNR). The SNR defines how much a signal has been corrupted
by noise. The SNR is defined as the power ratio between the signal and the total noise
produced by quantization and the noise of the circuit. The SNR accounts for the noise
in the entire Nyquist interval. Moreover the SNR can depend on the frequency of the
input signal and it decreases proportional to the input amplitude. Because many signals
have a very wide dynamic range, the SNR is often expressed using the decibel scale
(dB) and defined by

SNR |dB = 10 · log Psign

Pnoise
(1.6)

where Psign and Pnoise are the power of the signal and the power of the noise in the
band of interest.

• Signal-to-Noise-and-Distortion-Ratio (SNDR or SINAD). Is similar in definition to the SNR
however, non linear distortion terms, produced by the input signal, are also included.
The SNDR is defined as the ratio between the root-mean-square (rms) of the signal
and the root-sum-square (rss) of harmonics components plus noise, but excluding the
DC component. The SNDR is a good indication of the overall dynamic performance of
an ADC because it includes all components which make up noise and distortion. This
parameter is often plotted for various input amplitudes and frequencies. It is usually
given in dB.
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• Spurious-Free-Dynamic-Range (SFDR). Is the ratio between the rms of the signal and the
rms of the highest spurious spectral component in the first Nyquist Zone. With large
input signals the highest (or worst) component is given by one of the harmonics of the
signal. Quoted in dB, the SFDR is an important specification in communications systems
because it represents the smallest value of signal that can be distinguished from a large
interfering signal.

• Effective-Number-of-Bits (ENoB). This parameter measures the SNDR (or SINAD) using
bits. An often used definition for ENoB, where the SNDR is expressed in dB, is

ENoB =
SNDR |dB − 1.76

6.02
(1.7)

The above equation is obtained from the theoretical SNR of an ideal n bit ADC converter
with a sine-wave excitation [11].

• Dynamic-Range (DR). Typically expressed in dB, dynamic range is the value of the input
signal at which the SNR or SNDR is 0 dB. The DR specification is useful for Σ∆ archi-
tectures that do not obtain their maximum SNR or SNDR at full-scale input amplitude
(0 dBFS).

• Figure-of-Merit (FoM). This parameter establish the power effectiveness of Modulator.
The FoM used in this thesis work is expressed in Joules-by-conversion-level (J/conv-
level) and is given by the following expression

FoM =
PW

2ENoB ·BW
(1.8)

where PW is the total power consumption of the modulator, BW is the bandwidth of
the input signal and ENoB is the effective number of bits described before. Effective
solutions show an FoM below than 500 fJ/conv-level. The figure of merit depends on
the architecture of the modulator and the line-width of the technology. Moreover, there
are several definitions of the FoM. In some cases the dynamic range is used instead
of ENoB [10], in other definitions the sampling frequency replaces the signal band-
width [18].

1.2 kT/C Considerations and Design for Minimum
Power Consumption.

The sampled thermal noise (defined as kT/C noise) is a major limitation of switched-
capacitor (SC) circuits, and must be taken into account in the design. This unavoidable limit is
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associated with the sampling switch. Considering the noise voltage as
√
kT/C, sampling any

signal using a sampling capacitance of 1 pF leads to 64.5 µV noise voltage. If the sampling
capacitance increases by α factor, the noise voltage diminishes by

√
α [11].

When designing a Σ∆ modulator, it is important to find a good balance between the con-
tributions of all noise sources. It means that all noise sources are scaled in a way that makes
the circuit implementation affordable for the required application.

A defined full scale input, VFS , and a given n bit resolution establish the total noise power
budget defined by [10], [11]

PN,tot = V 2
n,budget =

V 2
FS

12 · 22·n (1.9)

A designer must then divide this available noise budget between various noise sources,
predominantly, quantization noise PQ, kT/C noise PkT/C , interference noise PIT and noise
coming from references PREF . The trade-off between various design constraints determines
the fraction of the noise budget that can be allocated for the kT/C sources and thus the min-
imum value of the sampling capacitance can be estimated. Since for low power applications
kT/C is the major concern, the quantization noise must be a fraction of the total budget. A
reasonable example of the noise power budget assignment is as follows (see Fig. 1.6)

Quantization 
Noise: PQ

Total
Noise Budget

PN,tot kT/C Noise:
PkT/C

Interference 
Noise: PIT

Reference Noise: PREF

55%

10%

15%

 20%

Figure 1.6: Example of noise power budget assignment.

PkT/C = 0.55 · PN,tot ;PQ = 0.20 · PN,tot

PInt = 0.15 · PN,tot PRef = 0.10 · PN,tot

(1.10)

Integrated Microsystems Laboratory University of Pavia



Chapter 1. Introduction 19

where PN,tot, PkT/C , PQ, PInt and PRef are the total, kT/C, quantization, interference and
reference noise power, respectively. Therefore, noise shaping must be able to bring the quan-
tization noise below specification by 12 dB. This provides room to the more power hungry
kT/C term.

Design parameters controlling power consumption of sigma-delta modulators are the sup-
ply voltage, the oversampling ratio, the order of the modulator and the number of bit of quan-
tization. Lowering the supply voltage at constant current reduces power. However, a reduced
supply voltage diminishes the full scale of the converter, VFS , and, in turn, increases the
relevance of the kT/C noise. For kT/C limited design, the SNR is OSR · VFS

2C/(16kT ).
Therefore, a reduction of VFS requires to increase the sampling capacitance. A given OSR,
accuracy and input band determines the product gain bandwidth, fT (or GBW), of the op-amp.
In turn, the fT is proportional to gm/C. If transistors are in sub-threshold, gm is ID/(nVT ),
while for transistors in saturation region gm depends on bias current as γI1/2

D . Therefore, SNR
becomes

SNR|sub−treshold = OSR · k1
VF S

2·ID

fT

SNR|saturation = OSR · k2
VF S

2·I1/2
D

fT

(1.11)

where k1 and k2 are design constants. Equation (1.11) shows that reducing by a factor α the
supply voltage, that reduces by the same factor VFS , asks for compensation with an increased
current in the transistor pair granting the transconductance gain. The current increase is by
α2 for transistors in sub-threshold and α4 in saturation. Therefore, reducing the supply voltage
is detrimental to power effectiveness: the designer should use the nominal voltage allowed by
technology and not less.

A second design option is to increase the oversampling ratio. As known, it improves SNR
by an extent that depends on the order of the modulator. To secure one more bit, OSR should
increase by 1.32 for a second order and by 1.21 for a third order modulator. However, higher
sampling frequency requires an equally augmented bandwidth of op-amps. It is proportional
to the bias current of the input pair in sub-threshold and to the square root of bias current
with transistors in saturation. Therefore, one more bit in a second or third order modulator
demands for an augmented current by 32% or 21% in the input pair in sub-threshold and 74%
or 46% when in saturation. Therefore, increasing the oversampling ratio to augment SNR
must be carefully considered in low-power applications.

The number of op-amps equals the order of the modulator. Supposing to use same power
in op-amps, the ones of a third order modulator consume 1.5 times more than a second order,
but the modulator obtains higher SNR because of more effective noise shaping. The benefit
on SNR depends on the OSR. Since there is a fixed cost π2L/(2L + 1) (L is the modulator
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order) [11] equal to 12.9 dB (2.1 bit) for second order and 21.4 dB (3.5 bit) for third order, the
advantage, in bit, is [log2(OSR) − 1.4]. With OSR = 8, the use of a third order instead than a
second one gives 1.6 more bit and with OSR = 16, 2.6 bit. The figure is more power effective
than increasing the OSR of a second order modulator, even at OSR = 8.

Another design option is the number of quantization levels that, obviously, costs an equiv-
alent power. To ensure one extra bit, it would be necessary to double the power of the flash.
This, for relatively low resolution, leads to an affordable cost because power consumed by
a comparator is a small fraction of the op-amp power. For set of specifications in the video
range (i.e., bandwidth higher than 5 MHz), a comparator consumes the 2-3% of an op-amp.
Therefore, increasing the flash resolution from 3 to 5 bits, that means using 24 more com-
parators, costs 24-34% op-amps power with second order modulators and 16-24% with third
order. Since accuracy increases by 2 bit, the power benefit is evident. However, many bits
in the flash and, hence, in the DAC can be problematic when Dynamic Element Matching
(DEM) [19] becomes necessary.

The points discussed above provide the guidelines for a proper low power design. Since
SNR and SNDR requirements are relatively low, the first choice is to use 5 bit quantization that,
with OSR = 12 and second order noise shaping, grants a maximum theoretical SNR equal to
72.6 dB. The same resolution, OSR = 8 and third order noise shaping lead to an SNR equal
to 73.4 dB. Since both expected SNRs allocate the required margin, the choice between two
options depends on power. As discussed above, with transistors in sub-threshold region, the
power consumption would be the same for both solutions, but, for transistors in saturation, as
actually needed to satisfy our speed requirements, the third order solution is the right choice
because it consumes less.

1.3 State-of the-Art Techniques for Low Power Con-
sumption.

A low power efficiency Σ∆ modulator can be accomplished by a proper choice of three
main design parameters: oversampling ratio (OSR), the order of the modulator (L) and the
number of bits used for the quantization. High oversampling grants good resolution but high
sampling frequencies leads to high consumed power in the op-amps. The use of high-order
modulators secures high resolution but requires a large number of op-amps, thus an ag-
gressive noise shaping performance is power demanding. The use of multi-bit architectures
benefits in obtaining extra bits, however multi-bit structures making the design relatively com-
plex and imposes the need of a flash converter with the necessary number of comparators to
ensure the quantization levels. Moreover, multi-bit DAC is source of harmonic distortion that
can be fixed by using DEM [20].
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Several design techniques, motivated by the above considerations, have been reported
recently. This solutions, as will be discussed shortly, benefit the power consumption and
keeping the noise shaping performance while reducing, in some cases, the number of the op-
amps used in the modulator, and in other cases, the dynamic output swing in the integrators.

Time-sharing technique [21], [22], has been used in many schemes to reduce the silicon
area and, more important, to limit the power consumption. The technique has been effectively
used in switched-capacitor filters [23], [24] where normally the two-phases are used, one for
sampling the signal and the other for the processing. Since the sampling is passive and the
processing requires an op-amp, during the sampling phase, the op-amp is not used. There-
fore, suitable modifications enable the use of the op-amp when its action is not required. For
example, a high order filter that uses an op-amp during one phase and another op-amp during
the other phase can be re-arranged to perform with a single op-amp the two functions, [25].
The time-sharing approach has also been used in pipeline data converters, [26], architectures
that generate an analog residual during one phase and another one during the complemen-
tary phase can share the op-amp required. It is difficult to use the time sharing approach in
sigma delta modulators because the quantizer needs a time-slot for its operation and, since
the time-sharing delays the operation of one of the performed functions, the time slot used for
the time-sharing is at the expenses of the one needed by the quantizer. Furthermore, since
the power of the op-amp must increase because of the increased slew-rate performance, the
power benefit is lower than 50%.

A more effective way for reducing the number of op-amps is proposed in [27]. The method
is an extension of the approach proposed in [28] and can be extended to any modulator order.
Moreover, the technique does not require using a specific time slot for an op-amp time sharing
function. The method, as shown in Fig. 1.7, uses a general Σ∆ modulator with the cascade of
n integrators followed by an A/D converter and n feedbacks from the output of the modulator.

∑+_
∑+_

Integrator

H1(z)

DAC1 DAC2

FLASH

ADC

εq

VIN VOUT

k1

∑+_

DACn

Integrator

H2(z)

Integrator

Hn(z)

k2 kn

Figure 1.7: General Σ∆ modulator with n integrators and n feedbacks.

The used technique move the feedback path, at the input of the i− th stage, to the input of
the previous (i− 1)− th stage by diving its contribution by the transfer function Hi−1(z). After
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to move all the feedback factors to the first feedback position (see Fig. 1.8), the total feedback
coefficient results in

∑+_

Integrator

H1(z)

DAC1

FLASH

ADC

εq

VIN VOUT

kT

Integrator

H2(z)

Integrator

Hn(z)

Figure 1.8: General Σ∆ modulator with n integrators and n feedbacks.

kT = k1 +
k2

H1(z)
+ . . .+

kn∏n−1
1 Hi(z)

(1.12)

while the transfer function of the cascade is obtained by the product of the single blocks
H1(z),. . . ,Hn(z) and is given by

HT (z) =
zp

(1− z−1)n
(1.13)

where n is the number of cascaded integrators and p is the total delay around the loop. Since
the final architecture employs a DAC from the output of the modulator, the signal processing
of kT can be performed in the digital domain before the DAC.

As is know double sampling is a powerful technique to achieve an effective sampling fre-
quency that is twice the actual modulator clock frequency [29]. This efficient solution allows
the speeding up of the operation of switched-capacitor integrators thanks to the active opera-
tion of the op-amp during both phases. Moreover, in Σ∆ architectures doubling-sampling tech-
niques improves the SNR, without increasing the op-amp power consumption, as 3(2·L+1) dB,
where L is the order of the modulator. Nevertheless, double sampling shows several disad-
vantages that limit its applications. In its simplest implementation with two sampling capacitors
in push-pull mode operation, any mismatch in the two paths introduces the modulation of the
input signal which results in the folding of the spectrum around FS /2 to the baseband [30]. This
problem can be tackled by introducing an SC integrator with a fully floating input branch [30]
or with its modified version presented in [31]. The other major limitation is the critical timing
constraints because the integrator uses the full clock period, and therefore the quantization
process is performed primarily during the non-overlapping times of the clocks. The solution
presented in [32] solves this problem by adding to the modulator architecture two fully-cycle
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delayed branches. One is from the modulator input while the other branch comes from the
modulator output, both branches are connected in a summing node in front of the quantizer.

Analog feedforward path (AFF) [11] is a efficient technique for reducing the power con-
sumption of the op-amps in Σ∆ architectures. Feedforward solutions offer several advantages
since minimizes the op-amp output swing: the slew-rate and bandwidth requirements are re-
laxed, favor better linearity, enables the implementation of power effective op-amp schemes
like single stage telescopic topologies and allows operation at low power supply voltages. The
method works well for all integrators of the modulator by using an analog summing block con-
nected in front of the flash converter. Fig. 1.9 shows a conventional second-order feedforward
Σ∆ topology with reduced sensitivity to op-amp non linearities [33].

∑+ _

1st Integrator

z-1

1-z-1

2nd Integrator

z-1

1-z-1
∑+

2

+ +
VIN VOUT

FLASH

ADC

εq

DAC

AFF1

AFF2

Summing 
Block

Figure 1.9: Second-order feedforward Σ∆ modulator.

With feedforward solutions the integrators output goes down to the quantization noise level
that, for multi bit structures, means a fraction of the maximum input. There are several ways
to implement the summing function. A method employs a SC summing op-amp to add all
the feedforward paths [34], [35]. This implementation is usually used to meet the stringent
headroom requirements and to provide high sufficient gain, however induces a large output
swing of the summing block, adds design complexity and increases the power consumption of
the modulator. Another summing circuit using charge sharing is presented in [36], [37]. The
summing operation is accomplished trough charge sharing realized with a switched-capacitive
network connected at each comparator input. Furthermore, to maintain the signal swing at
the flash input, the reference voltage must be scaled down from its nominal value by a factor
equal to the voltage drop across the passive network, thus comparators with higher sensitivity
are required. This approach eliminates the need for a summing op-amp, but the signal swing
and the step in the quantizer threshold voltages are attenuated due to parasitics associated
with the passive network. These limits result in increased power dissipation and mismatch
effects at the quantizer, but are substantially compensated by using additional compensation
capacitances connected to the SC network [37].
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To overcome the drawbacks of the above analog implementation, an alternative solution
proposed by [38] performs the summing operation in the digital domain. The technique em-
ploys digital feedforward (DFF) at the input of the last integrator as well as after the quantizer,
and analog feedforward for the first integrators, thus an additional flash converter is used to
obtain the quantized version of the input signal of the modulator. The solution is well effective
in multi-bit structures where the number of bits for the quantization is large. Moreover, thanks
to the swing reduction technique the total number of comparators goes down.
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Figure 1.10: Conventional second-order Σ∆ modulator with digital feedforward (DFF) path.

In particular, for a conventional second-order Σ∆ modulator, like the one shown in Fig. 1.10,
with 4 bits in the main flash converter (F1) and 3 bits in the additional flash (F2), the total
number of comparators used by the modulator is 12 (5 from F1 and 7 from F2) instead of
23. Furthermore, since the extra flash converter injects additional quantization noise (εq2) at
the modulator output, the digital feedforward path at the input of second integrator whit gain
R(z) = −(1− z−1)/2, is utilized to cancel the effect of εq2 at the output of the modulator itself.
Notice that digital feedforward solution does not requires additional branches at the input of
the integrators that worsen the feedback factor.

A fully digital feedforward solution is presented in [39]. The method, as depicted in Fig. 1.11,
uses a second-order Σ∆ modulator with unity gain STF and an extra flash converter (F2) for
implement the feedforward path in the digital domain. The loop filter is designed such that the
modulator output is

V ′OUT = VIN + (1− z−1)N · εq1 + (1− z−k) · εq2 (1.14)

where N is the order of the loop filter, εq1 and εq2 are the quantization noise of the main and
additional flash converter, respectively, and k is a design parameter. Similarly to the above
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Figure 1.11: Fully digital feedforward (DFF) path in a conventional second-order Σ∆ mod-
ulator.

technique, the additional quantization noise (εq2) is canceled at the modulator output without
affecting the STF. The output (VIN+εq2) of the extra flash converter is multiplied by (1 − z−k)
and subtracted in the digital domain from the output of the main flash converter. For a design
with k = 1 any leakage of the additional quantization noise εq2 is shaped to first-order [39].

An effective alternative fully digital feedforward technique has been reported in [40]. Con-
trary to the above solution, the method avoid the quantization noise cancellation done after the
main flash converter, before and after the loop filter. Considering εq2 the quantization noise of
the additional flash converter, the main contribution term of each integrator output, VIN ·H(z)
(where VIN is the input signal and H(z) is a transfer function due to the integrator process),
is compensated with its quantized version VIN ·H(z) (whit VIN = VIN + εq2), which is added
and subtracted at the output of each integrator without change the overall result. To obtain the
desired term cancellation, the quantity −VIN · H(z) is moved back to the input of the actual
integrator dividing it by the transfer function of the integrator itself. For the last integrator of the
modulator the reconstruction at its output is realized in the digital domain after the flash con-
verter. Final topological modifications lead an architecture with distributed digital feedforward
that reduce the integrators output swing and reconstruct both the original NTF and STF after
each integrator.

An improved third-order Σ∆ modulator has been introduced in [35]. The architecture em-
ploys a second-order feedforward Σ∆ topology to ensure low output swing in the integrators.
Moreover, the modulator increases the noise shaping performance from second to third-order
by the injection of shaped quantization noise into the loop. The shaped quantization noise
is obtained, as shown in Fig. 1.12, from the conventional modulator topology by including an
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Figure 1.12: Third-oder Σ∆ modulator with noise coupled injection technique.

additional branch, where the quantization noise is delayed by one clock period and subtracted
at the summing node before the quantizer. The enhancement does not change the STF of
the modulator, however is equivalent to adding one more integrator to the loop filter. The use
of an extra op-amp provides the virtual ground for both summing function and noise coupling
injection. The technique is effective, but the use of an additional active adder at the quantizer
input vanishes the power reduction benefit.

1.4 Structure of the Thesis.

This thesis work describes power efficiency Σ∆ architectures addressing the earlier low
power strategies. The proposed modulators keeping low the oversampling ratio and achieve
the expected noise shaping performance with reduced number of op-amps and low integra-
tors output swing. Fig. 1.13 summarizes the general structure of this thesis work, which is
organized as follows.

Chapter 2 presents the design of a third-order Σ∆ topology suitable for Digital Video Broad-
casting Handled (DVB-H) requirements. The specifications of the given application are also
outlined. Topological modifications that lead an architecture with only two op-amp in a conven-
tional third-order Σ∆ modulator are described with detail. Moreover, a new design technique,
which enables op-amp swing reduction in the last integrator and further reduces the number of
comparators needed in the flash, is also discussed. This feature is based on the good correla-
tion between two successive input samples in the flash converter. A circuital description of the
main blocks and a switched-capacitor implementation are presented. Simulation results of the
modulator at behavioral level with MATLAB (considering the op-amp limitations) and measure-
ments results that confirm the effectiveness of the modulator are well discussed. This chapter
concludes with the summary performance of the modulator, integrated in a 0.18 µm standard
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Figure 1.13: Thesis structure.

CMOS technology, and its comparison whit other similar state-of-the-art Σ∆ modulators.

In Chapter 3 a novel low power efficiency Σ∆ modulator is introduced. The design pro-
cess of the final architecture based of a NTF synthesis technique is described. The modu-
lator employs only one operational amplifier and targeting low output swing reduction, thus
its performance is involved in wireless sensor networks applications which design specifica-
tions are also depicted. Another important issue discussed here is the auxiliary monitor circuit
that boost the slew-rate performance of the op-amp only when is required. Moreover, a sin-
gle Kelvin divider used to implement all DACs in the modulator completely cancels the error
caused by gradient in the resistance values. A detailed switched-capacitor implementation
and the circuital description of the main blocks of the modulator are highlighted. The proto-
type was fabricated by using a 0.18 µm standard CMOS technology. Finally, measurement
results that confirm the behavioral study of the modulator and the power effectiveness of the
architecture are found at the end of this chapter.

Chapter 4 deals two high-performance Σ∆ modulators for wide-band applications. The
first modulator, proposed to solve the critical time constraints in double sampling schemes,
obtains an additional delay for the quantization process. The approach, described with more
detail in this chapter, is called Analog Look Ahead (ALA) technique. The proposed method
is applied in a conventional second-order Σ∆ modulator with feedforward topology. A possi-
ble switched-capacitor network used to implement the summing block is also presented. The
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second proposed Σ∆ architecture exhibits a third-order noise shaping enhancement thanks
to the complex conjugate zeros in its NTF. As is described in the chapter, the result is achieved
by the cascade of two active blocks that make one zero at z = 1 and two complex ones with
imaginary part α/2. Also discussed here is the switched-capacitor structure of the second
block that allows the improvement of the SNR by approximately 8 dB. Moreover, a fully digital
feedforward solution that secures a low reduction in the integrators output swing is described.
Considering the op-amp limitations, the chapter includes several simulations results at behav-
ioral level that show the effectiveness of both proposed modulators.

Chapter 5 covers the general conclusions resulting of this thesis work.
Additional material is included in two appendices. Appendix A focuses the layout and

schematic diagrams of the main blocks of the two third-order Σ∆ prototypes described in
Chapter 2 and Chapter 3, respectively. Appendix B deals with several recommendations for
the design of multilayer boards used for testing data converters, thus the layout of the test
boards used for the measurement results reported in this thesis work are also included.
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Chapter 2

A Third-Order Σ∆ Modulator
for DVB-H Applications

This low-power Σ∆ modulator targets the Digital Video Broadcasting Handheld (DVB-H) re-
quirements and achieves about 10 bit with 6 MHz signal band. Suitable topological modifica-
tions enable the realization of a third-order modulator with two operational amplifiers. More-
over, a technique for swing reduction of the last operational amplifier strongly reduces the
number of comparators needed in the flash converter. The power reduction techniques limit
the consumption to 6.18 mW, thus yielding a FoM of 0.58 pJ/conversion-level. Fabricated with
a 0.18 µm analog CMOS technology, the active area of the circuit is 0.32 mm2. Experimental
measurements confirm the behavioral study made accounting for the op-amps limitations.

2.1 Specifications for Digital Video Broadcasting-
Handheld (DVB-H).

DVB-H (Digital Video Broadcasting-Handheld) is the digital broadcast standard for trans-
mitting broadcast content to handheld terminal devices, developed by the International DVB
(Digital Video Broadcasting) Project [41], [42]. This standard is based on the earlier European
terrestrial digital TV standard DVB-T (Digital Video Broadcast-Terrestrial) but tailored to the
special requirements of the portable, pocket-size, battery-operated class of receivers. DVB-H
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particularly features an IP (Internet Protocol) interface for easy network integration, a high
capacity downstream, strong protection against transmission errors, and long battery usage
time.

The typical user environment of a DVB-H handheld terminal is very quite comparable to the
cellular radio environment. The term handheld terminal includes multimedia cellular phones
with color displays as well as personal digital assistant (PDA) and pocket PC types of equip-
ment. All these kinds of devices have a number of features in common: small size, light
weight, and long battery operation. These properties are a precondition for mobile usage but
also imply several severe restrictions on the transmission system.

The terminal devices lack an external power supply in most cases and have to be operated
with a limited power budget. Low-power consumption, typically less than 10 mW, is necessary
to obtain reasonable usage and standby cycles. DVB-H shall be designed in such a way that
channels of 5, 6, 7, and 8 MHz bandwidth can be used.

The above demanding requirements can be satisfied with Σ∆ solutions. Furthermore Σ∆
modulators require minimum analog accuracy to enable their implementation in digital tech-
nologies, relatively low oversampling ratio (OSR) to obtain medium-high resolution and high
power effectiveness (or low figure of merit, FoM) to meet the low power requirements. This
design addresses the above-mentioned specifications, namely 6 MHz band and 60 dB SNR,
with the goal of power consumption well below 10 mW, as shown in Fig. 2.1.

Bit Resolution
8 bit 12 bit

10 bit @ OSR = 8

Signal Bandwidth 
5 MHz 8 MHz

6 MHz

Power Consumption
1 mW 10 mW

6 mW

Figure of Merit
10 fJ/conv 2.5 pJ/conv

600 fJ/conv

DVB-H specifications This Project

10 bit

6 MHz

6 mW

600 fJ/conv

Figure 2.1: Digital Video Broadcasting-Handheld and project specifications.

2.2 Low Power Σ∆ Architecture.

In order to reduce the power consumption it is necessary to identify power hungry compo-
nents, to limit their power request and possibly, their number. Since the power of an op-amp
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increases in a quadratic way with its bandwidth, it is mandatory to keep at the minimum the
clock frequency and, accordingly, the OSR. However, with low OSR, it is necessary to use
high-order modulators, that means more op-amps, or to augment the resolution in the flash
converter, that means more comparators. The trade-off depends on the power required by
the single blocks. For this reason, preliminary transistor level simulations with 0.18 µm ana-
log CMOS technology were made. Simulation results shown that an op-amp with 600 MHz
bandwidth, 300 V/µs slew rate and 60 dB of gain consumes 2.3 mW, and a comparator with
5 mV sensitivity clocked at 100 MHz consumes about 60 µW. The numerical result provides
the architecture recommendation: use the maximum number of bit in the flash converter and
the lowest OSR.

2.2.1 Reduction of the Number of Op-amps.

Power is further reduced using only two operational amplifiers to obtain third-order noise
shaping performance. The method used is described in this subsection. Fig. 2.2 shows the
selected third-order Σ∆ scheme, [43]. It is based on a cascade of two integrators without
delay and the last one with delay.

∑+_
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1-z-1

1
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∑+_
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2nd Integrator
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∑+_
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3rd Integrator
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DAC1 DAC2 DAC3

FLASH

ADC

εq

VIN VOUT

Figure 2.2: Conventional third-order Σ∆ modulator.

The analog feed-forward (AFF) path limits the output voltage swing of the first op-amp
to the quantization noise level. Feedback coefficients necessary to make the noise transfer
function (NTF) equal to (1 − z−1)3 are all 1. Therefore, this architecture optimizes the feed-
back factors at the expenses of using integrators without delay. High feedback factors admit
lower bandwidth; integrators without delay impose higher bandwidth. Overall, the op-amp
bandwidths turn out to be lower in this architecture without delays.

Starting from Fig. 2.2, a number of topological modifications eliminate one of the op-
amps [27]. First, the feedback at input of the third integrator is moved at input of second
integrator multiplied by (1− z−1), as shown in Fig. 2.3 (a).
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Figure 2.3: Topological modifications. One op-amp is eliminated.

The feedback of the second integrator, that becomes (2 − z−1) as shown in Fig. 2.3 (b),
requires a simple processing in digital domain before the second DAC.

The scheme after removing intermediate feedback includes a double integrator, Fig. 2.3 (c),
which can be realized by one op-amp capable to implement the overall transfer function

H2(z) =
1

(1− z−1)2
=

1
(1− z−1)− z−1 + z−2

(2.1)

The implementation of a double integrator, as shown in Fig. 2.4, consists in a conventional
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integrator with two extra feedback terms, one with single delay (P-path) and another one with
double delay (Q-path). The circuit, realized in the sampled data domain, requires a limited
increase of the op-amp power consumption (about 30%). Therefore, the solution saves 70%
of power burnt by a single op-amp.

+

_

1
1-z-1+
P-path

Q-path

∑

1
(1-z-1)2

Double Integrator

H2(z)

z-1

z-2

VIN VOUT

VIN VOUT

Figure 2.4: Double integrator block diagram.

2.2.2 Reduction of the Number of Comparators.

To further reduce power consumption, this design uses a second strategy for limiting the
power of flash and, indirectly, the power of the second op-amp. The method is based on the
observation that, for a given OSR, there is a good correlation between two successive flash
input samples.

VO,2(n) VO,2Q(n)

VO,2Q(n-1)
FLASH

5-bit

ADC

εq

+∑+_

DAC4
z-1

z-1

19 quantization levels
(18 comparators)

Figure 2.5: Five bit flash converter with reduced input range.

Moreover, with 5 bit, the quantization noise is low. Because of that, the output voltage
increment of the second op-amp, equal to

∆VO,2 = [Vinz
−1+ εQ(−3z−1+3z−2− z−3)](1− z−1) (2.2)
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turns to be lower than VO,2 because the increase in the noise term is less than the reduction
granted by Vin(1 − z−1). The feature suggests the scheme of Fig. 2.5, that uses as input of
the flash the difference between VO,2 and its delayed and quantized version. Then, in the dig-
ital domain, the subtracted part is reestablished at the output of the modulator by a summing
operation implemented, for example, with full adders.
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Figure 2.6: Topological modifications by considering the flash converter with reduced input
range into the third-order modulator.

Integrated Microsystems Laboratory University of Pavia



Chapter 2. A Third-Order Σ∆ Modulator for DVB-H Applications 35

Since the input swing of the flash diminishes, comparators never used can be removed.
For this design, the number of comparators goes down from 31 to 18. The power reduction
in the flash is therefore 40%. The flash power reduction leads to the diagram of Fig. 2.6(a).
Since the subtraction at the input of the flash converter would require an additional active
block, this branch is moved back to the double integrator input multiplied by (1 − z−1)2/z−1,
as shown in Fig. 2.6(b). Combining the result with the existing −(2− z−1) feedback, it results
−3(1−z−1)−z−2, see Fig. 2.6(c). However, since the flash output is already Vout(1−z−1), its
use avoids the (1− z−1) multiplication in digital domain. The result is the final Σ∆ modulator
of Fig. 2.7.
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Figure 2.7: Final architecture of the third-order Σ∆ modulator.

2.3 Circuit Implementation of the Σ∆ Modulator.

The switched-capacitor (SC) integrated circuit used to implement Fig. 2.7 reduces by two
times the multiplication of the quantized feedback. This is obtained by augmenting by 1.5 the
DAC quantization step, made possible by a reduced dynamic range of the flash. As shown in
Fig. 2.8, the circuit uses two hybrid capacitive-resistive DACs controlled by VADC (DAC3) and
z−2Vout (DAC2). The resistive divider of both DACs uses 32 equal resistances of 200 Ω. The
feedback DAC of the first integrator (DAC1) uses 18 resistances of 300 Ω and two terminations
of 500 Ω. The use of distinct resistive dividers increases the power consumption, but avoids
interferences. The cost, however, is only the 15% of the total. As depicted in the Fig. 2.8 the
two analog signals of DAC2 and DAC3 is obtained with a unity capacitance (CU ). The DACs
charges are injected during φ2 to relieve the feedback factor at φ1. The latch strobe occurs
just before the end of φ1 to allow flash and logic to drive the DAC during φ2. For simplicity, the
circuit shows a single-ended implementation.
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The double integrator requires the two feedbacks: the P-path and Q path of Fig. 2.4.
Both inject during φ1. Since the sampling of the second integrator output can be done at φ1,
because during φ2 is available a new injection, the SC networks implementing the P-path and
Q-path by using two and three unity capacitors, as shown in Fig. 2.9. In the same figure the
driving phases are included. Input and integrator capacitors of the first integrator are both
80 fF to limit the kT/C noise budget as specified by equation (1.10) in the previous chapter
section 1.2. The value includes the parasitic of wire metal lines matched with a careful layout.
The total voltage noise budget with VFS = 1 V is about 220 µV, while

√
2kT/(C ·OSR) gives

113.74 µV. The scheme of Fig. 2.9 is similar to the one proposed in [28] to realize double
sampling, however, this technique is not used in this design.

The two operational amplifiers are fully differential folded cascode with discrete-time com-
mon mode feedback (DTCMFB) [44]. The schematic diagram of the architecture is shown in
Fig. 2.10.
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Figure 2.10: Operational Amplifier. (a) Fully differential folded cascode architecture. (b)
Discrete-time common mode feedback (DTCMFB).
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Figure 2.11: Schematic diagram of the comparator. (a) Preamplifier. (b) Regenerative latch.

Fig. 2.11 shows the schematic of the voltage comparator [45], [46]. It is a two stage
fully differential scheme with a preamplifier with gain 9.3 dB, continuous time common mode
feedback (CTCMFB) and regenerative latch. The dimension of all transistors are depicted in
the figure. The response time of the comparator is about 2 ns with 2 mV at input. The bias
current of the preamplifier is 25 µA. The preamplifier is used to moderately increase the signal
and, much more important, to limit the kick-back from the latch.

2.4 Simulation and Measurement Results.

The effectiveness of the architecture has been verified with Matlab-SimulinkTM by using
the behavioral models reported in [47]. The simulated swing reduction at the input of the flash
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Figure 2.12: Output dynamic range of the double integrator.

converter decreases the number of required comparators from 31 to 18 but, also, relaxes the
op-amp specifications, namely, linearity and slew-rate. Fig. 2.12 shows the comparison of
the output dynamic range in the double integrator with and without use of the architecture
described in Fig. 2.5. The MATLAB simulation was made by considering an input amplitude
of -3dBFS and an input signal frequency very close to the Nyquist rate.

The third-order Σ∆ modulator has been implemented at transistor level with CADENCE by
using a 0.18 µm, double poly, 5 metal levels CMOS technology. The op-amps use different
bias currents to meet the DC gain, slew-rate and bandwidth requirements as summarized in
Table 2.1. The nominal power supply of the modulator is 1.8 V.

Table 2.1: Performance of the Operational Amplifiers
0.18 µm, double poly, 5 metal levels CMOS technology, 1.8 V supply voltage

Parameter Symbol [Unit] First Integrator Double Integrator

Bias Current IBIAS [mA] 1.055 1.33

DC Gain Av [dB] 51 48

Slew-Rate SR [V/µs] 300 400

Unity Frequency GBW [MHz] 580 890

Phase Margin ΦM [Degree] 60 61
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Figure 2.13: Simulated power spectral density of the modulator. Transistor level implemen-
tation.

The simulated third-order power spectral density is shown in Fig. 2.13. The expected SNR
with a -3 dBFS input signal is 65 dB, which corresponds to 10.5 bits. The frequency of the
input tone is 5.65 MHz approximately.

The Σ∆ modulator has been integrated in a 40 pins LLP package. Fig. 2.14 shows the
die microphotograph where the main circuital blocks are highlighted. The chip active area
is 0.32 mm2. Reference voltages are external and no internal buffers enforces the strength
of references. However, multiple bonding for references moderates the effects of bonding
inductances.

Fig. 2.15 shows the measured power spectral density of the modulator with a sampling
frequency of 96 MHz and 767 kHz input signal frequency. Noise integrated over a 6 MHz
band (OSR = 8) yields an SNDR of 60.7 dB, corresponding to 9.8 bit. The spectrum shows
second and third harmonic tones at -88 and -77 dBFS , respectively. A small mismatch in the
input differential signals causes the second harmonic tone. Non-linearity of the circuit gives
rise to third order harmonic.

The floor of the spectrum (larger than the expected kT/C noise) shows in the signal band,
above 2 MHz, a first order shaped noise term. It is likely a white noise injected at the input
of the double integrator, first order shaped by the architecture. The source is likely associ-
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Figure 2.14: Chip microphotograph.

ated to the reference voltage of the DACs. The switching load and the bonding inductance
cause small ringing that does not extinguish at the sampling times. The problem diminishes
with lower clock frequencies, as verified by the measurements summarized in Fig. 2.16. The
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Figure 2.15: Measured power spectral density of the Σ∆ modulator.
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SNDR versus input amplitude at low clock frequencies improves and the extra shaped noise
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Figure 2.17: Power consumption breakdown of the third-order Σ∆ modulator.
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The total power consumption of the modulator sampled at 96 MHz is 6.18 mW (excluding
the output buffers). A more detailed power breakdown is illustrated in Fig. 2.17. The achieved
Figure of Merit (FoM) defined by

FoM =
PTOT

2ENoB2BW
(2.3)

(where PTOT is the consumed power, ENoB the effective number of bits, and BW is signal
bandwidth) is 0.58 pJ/conversion. Table 2.2 summarizes and compares performance of pre-
viously reported low-pass sigma-delta modulators, [28], [48]-[51]. The FoM of reference [28]
is better than this design being optimized for a 2 MHz signal band.

Table 2.2: Comparison with other State-of-Art Σ∆ Modulators

Feature Unit This ISSCC JSSC CICC JSSC VLSI

Work ’05 [28] ’05 [48] ’09 [50] ’09 [51] ’09 [49]

CMOS technology nm 180 90 250 130 180 180

Supply Voltage V 1.8 1.2 1.2 1.2 1.2 1.8

Oversampling Ratio OSR 8 9.89 16 48 16 50

Signal Amplitude dBFS -3 -3 -4 -6 -1.5 -5

Signal Bandwidth MHz 6 1.94 1.25 1.92 0.625 1.0

Peak SNDR dB 60.7 63 89 59 74.6 56.8

ENoB Bit 9.81 10.18 14.5 9.52 12.1 9.15

Active Area mm2 0.32 0.26 8.6 0.36 1.92 1.62

Power Consumption mW 6.18 1.2 44 3.1 3.2 22.2

Figure of Merit pJ/conv-level 0.58 0.27 0.76 0.788 0.58 19.6
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Chapter 3

A Low-Power Single Op-amp
Third-Order Σ∆ Modulator

In this chapter a low-power Σ∆ modulator suitable for high-resolution low power sensor sys-
tems is described. It achieves a third-order noise shaping performance with a single oper-
ational amplifier. A slew-rate boosting technique enables minimum power consumption in a
two stages op-amp. Realized in a 0.18 µm standard CMOS technology, the modulator pro-
vides 84 dB SNDR and 88 dB dynamic range in a signal bandwidth of 100 kHz. It dissipates
140 µW with a 1.5 V power supply. The state-of-the-art power efficiency gives a remarkable
Figure of Merit (FoM) of 54 fJ/conversion-level, verifying the effectiveness of the proposed
modulator architecture.

3.1 Design Specifications for Low-Power Sensor Sys-
tems.

Recent advances in micro-electro-mechanical systems (MEMS) technology, wireless com-
munications, and digital electronics have enabled the development of low-cost, low-power,
multifunctional sensor nodes that are small in size and communicate untethered in short dis-
tances [52]. These tiny sensor nodes, are capable of self organizing into a collaborative
network, and subsequently benefit from spatial diversity through data sharing and multi-hop
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connectivity. For its wide variety of applications ranging from habitat monitoring to medical di-
agnose [53], sensor networks have transformed the way as society interacts with the physical
world. Besides, it is possible to expand the above classification with more categories such mil-
itary surveillance [54], chemical processing [55], reconnaissance [56], and damage assess-
ment to environmental forest fire detection [57]. This kind of applications however, always
require high-accuracy (at least 12-13 bit), low signal bandwidth (typically 100 Hz-150 kHz)
and extremely low power consumption (less than 200 µW) to improve battery life.

Fundamentally, the architecture of an intelligent sensor node consists of an analog-to-
digital converter (ADC), a digital signal processing, and a short range radio. Furthermore, to
allow large sensors array integration, ADCs must occupy small silicon area.

Successive-approximation-register analog-to-digital converter (SAR ADC) are well suitable
topology to meet the above demanding requirements. The architecture exhibits moderate
speed, moderate resolution and very low power consumption characteristics [58], [59], [60].
However, emerging design techniques on Σ∆ modulators have been published for applica-
tions where low power dissipation is required [1]-[6]. Furthermore, Σ∆ architectures typically
used in telecommunications applications such as audio signal processing, exploit, as known,
oversampling and noise shaping to accomplish high resolution. The reduction of the ampli-
fiers output swing bring down the modulator power consumption and ensures a reduction in
the harmonic distortion. Another relevant feature that benefits the consumed power is the
minimization of the number of op-amps in the architecture. This can be obtained with topo-
logical modifications [27] or, as it will be shown shortly, by using a single operational amplifier
working in a multiplexed operation [21], [22] for realizing high-order transfer functions.
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Figure 3.1: Wireless sensor networks, SARs A/D converter and project specifications.
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The above design considerations, make of the Σ∆ topologies, an alternative solution for
applications where the low speed and medium resolution are not difficult, but the required low
power level is a challenging issue.

Fig. 3.1 summarizes the required specifications for wireless sensor network applications.
The performance of the SAR A/D converter is also outlined in the figure. The proposed third-
order modulator addresses these low power requirements since its power consumption is less
than 200 µW and the expected resolution is more than 12 bits.

3.2 Proposed Third-Order Σ∆ Modulator.

The architecture for the proposed third-order Σ∆ modulator is conceptually shown in
Fig. 3.2. The scheme uses a second-order modulator with two delayed integrators and the
noise enhancer block with transfer function H(z). As shown in Fig. 3.2, the suitable injection of
shaped quantization noise, εq, at the input of the second integrator of the Σ∆ scheme, boost
the noise shaping performance to third order.
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1st Integrator

z-1

1-z-1
∑+_
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1-z-1

DA
C1

DAC2

∑
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_
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Noise
Enhancement

1/2 2

εq

+ VOUTVIN
FLASH

ADC

εq

Figure 3.2: Enhancement of the NTF in a conventional second-order Σ∆ modulator.

The noise shaping of a second and third-order Σ∆ modulators are, respectively

εq(1− z−1)2 = εq(1− 2z−1 + z−2) (3.1)

εq(1− z−1)3 = εq(1− 3z−1 + 3z−2 − z−3) (3.2)

where once again εq is the quantization error.

The subtraction between (3.1) and (3.2) gives

εq(−z−1 + 2z−2 − z−3) = −z−1εq(1− z−1)(1− z−1) (3.3)
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Figure 3.3: Second-order Σ∆ modulator with the block function H(z).

which rearranged yields
εq[2z−1(1− z−1)︸ ︷︷ ︸

STF2

(−(1− z−1)/2)︸ ︷︷ ︸
H(z)

] (3.4)

Equation (3.4) shows the two factors needed to obtain the desired third-order noise shap-
ing. The transfer function from the second integrator input is highlighted with STF2. Therefore,
the missing term is H(z) = −(1− z−1)/2 injected into the second integrator input. This result
suggest the architecture of Fig. 3.3 which by inspection leads now

VOUT = VIN · STF (z) + εq ·NTF (z) = VIN · z−2 + εq · (1− z−1) · (1− z−1)2 (3.5)

Notice that the signal transfer function shows a double delay while the noise transfer func-
tion has a third-order noise shaping.

The enhancement operation does not require active blocks because the subtraction of
analog and quantized signal is done with two separate paths, as shown in Fig. 3.4.
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Figure 3.4: Proposed third-order Σ∆ modulator scheme.
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3.2.1 Output Swing Reduction of the Integrators.

The proposed modulator of Fig. 3.4 uses, like the previous modulator described in Chap-
ter 2, the same techniques to reduce the output swing in both integrators. As shown in Fig. 3.5,
the analog feedforward path (AFF) is used to limit the output swing of the first integrator. The
correlation between successive output samples enables a reduction of the second integrator
swing (see Fig. 2.5, Chapter 2), from V2(nT ) to V2(nT )−1/2·VDAC3(nT−T ). A lower V2 mod-
erates the power of the op-amp and limits to 18 the number of comparators used by the flash.
The gain by two of the second integrator, transferred to the flash converter, compensates the
1/2 feedback factor of the analog path and reduces the swing of the op-amp at expenses of
higher flash sensitivity. A 5 bit flash converter makes relatively low the quantization error and
gives robustness to the loop.
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Figure 3.5: Σ∆ modulator with analog feedforward path and flash converter with reduced
input range.

Suitable topological modifications, as shown in Fig. 3.6(a), saves the active sum at the
input of the flash converter. This point is moved back to the input of the second integrator and
multiplied by the function (1− z−1)2/z−1, which is given by the inverse of the transfer function
of both second integrator and analog path.

The digital processing combination of DAC2 and DAC3 yields

E(z) = −1/2 · (1− z−1)− 1/2 · (1− z−1)2 = 3/2z−1 − 1/2z−2 − 1 (3.6)

which rewritten leads
E(z) = (1− z−1) · (1/2z−1 − 1) (3.7)

Equation (3.7) enables the architecture of Fig. 3.6(b). A simple processing in the digital
domain, after the A/D conversion, builds the quantized output as the addition of the output
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Figure 3.6: Topological modification. (a) Active sum at the input of the flash converter is
eliminated. (b) Digital processing combination of DAC2 and DAC3.

of the flash and the previous digital output. This operation is properly used to compensate
the digital factor (1 − z−1) in the block function E(z). The final result is the third-order Σ∆
architecture of Fig. 3.7, where the conversion of DAC2 and DAC3 are realized from the output
of the flash converter and injected at the input of the second integrator.

The three DACs of the modulator are implemented with a single Kelvin divider to generate
the differential 5 bit references voltages. This feature, as will be described with more detail
in the following section, completely cancels the error caused by gradient in the resistance
values. The resistor sizes and the layout of the resistive DAC limit high order distortion terms
without the need of digital calibration or dynamic matching of elements (DEM).
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Figure 3.7: Proposed third-order Σ∆ modulator.

3.3 Circuit Implementation of the Σ∆ Architecture.

Minimum power consumption is one of the main targets addressed in this project. Since a
third-order Σ∆ modulator can be implemented with two operational amplifiers, the architecture
of Fig. 3.7 works with only one operating in a multiplexed fashion [21], [22]. The general time
event for the modulator is shown in Fig. 3.8. Two phases with the same duty cycle are required.
The first integration is realized during phase one. The second integration, the injection of the
(1 − z−1) term, the input feedforwarding and the conversion of DAC2 and DAC3 take place
during phase two.

Fig. 3.9 illustrates the schematic diagram of the Σ∆ modulator fully differential sampled
data implementation. The single operational amplifier serves the first integrator during phase
1. During the complementary phase the op-amp and the additional connected networks op-
erate as second integrator.Fig. 3.9 also reports the phases scheme used to control switches.
The first integrator uses 10CU for the input capacitor and 20CU for the feedback capacitor. For
limiting the kT/C noise, the unity capacitance, CU , is equal to 80 fF . The second integrator
uses a unity capacitance for the 1/2 z−1 path that comes from conversion of DAC2, and two
unity capacitances for the other branches, namely feedforward and analog path respectively.
The use of feedback capacitors with significant different values is not problematic because the
operational amplifier can drive the largest value.

The path feeding back the analog part of the quantization error needs two analog de-
lays. They enables the time multiplexing operation of the op-amp. The first of them uses two
switched-capacitor (SC) structures controlled by phases Φ1a and Φ1b operating in a ping-pong
fashion. As shown in Fig. 3.9 while the first SC structure sampling the circuit output, VOUT (n),
the other transfers the past sampled output, VOUT (n − 1), to the integrating capacitor 2CU .
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In a similar way three SC structures that work under the control of phases Φ2a, Φ2b and Φ2c

realize the required z−1 delay of the analog path. These structures alternatively implement
the sampling, holding and integrating functions.

Conventional Σ∆ modulators use capacitive based DACs with, when necessary, dynamic
elements matching (DEM) [19], [20]. The use of calibration or DEM depends on the requested
accuracy of unity elements that, as well know, improves with the area. Moreover, for high-
resolution targets, it is often necessary to over design the unity capacitor well above the value
required by the kT/C noise limit. In turn, large capacitances involve high power. On the
contrary, It can be convenient using a resistive based DACs because enlarging the unity value
of resistance does not affect the power consumption and does not limit the speed of operation.
Matching improves, but an error caused by the gradient of the resistive properties of the divider
occurs [11]. However, the use of the same resistive string to generate differential voltages
cancels the gradient error at the first order.
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Figure 3.10: Single Kelvin divider to implement three DACs of Fig. 3.7.

This design exploits a simple property of a linear string of resistors to avoid the gradient
error. Supposing that the value of the generic k-th resistor is Rk = Ru + kδR, the differential
voltage becomes
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Vdiff = Vref
(N − i)Ru + δR(N − i)(N − i+ 1)− iRu + δRi(i+ 1)

NRu + δRN(N + 1)
(3.8)

that is independent on δR. Therefore, it is possible using a linear string of resistors with area
that satisfies the matching requirements without caring about gradient limits.

Fig. 3.10 shows a single resistive divider, with 31 equal resistances of 2.2 kΩ, used to
implement the three DACs of Fig. 3.7. The Kelvin division generates the 32 reference voltages
across the Vref to -Vref range. The digital signals VOUT , z−1V

′

OUT , and V
′

OUT control the three
selection networks to obtain the DACs differential outputs. The digital control is done in one-
out-of-N code. The used unity resistors have area equal to 250 µm2, a large but affordable
value. The solution also allows the use of 5 bit in the flash, an unpractical value for DEM
techniques. The expected matching is 0.01 %, leading to harmonic distortion of more than
86 dB without calibration.

Fig. 3.11 shows the conceptual block diagram of the main circuits used for the analog-
to-digital conversion in the modulator. The flash converter employs 18 comparators thanks
to the second integrator output swing reduction. Two extra comparators (not showed in the
figure) detect possible overload and activate a reset of the two integrators. This also avoids
possible problems at the start-up. The encoder circuit converts the thermometer code of the
flash to one-out-of-N code and removes possible bubble errors [45], [61]. The digital bus of the
encoder, VOUT ’, drives the selection networks of DAC2 and DAC3 of the Kelvin divider DAC
and serves the digital code to a matrix array used to implement the digital summing block at the
output of the modulator (see Fig. 3.11). The result of the summing matrix operation gives the
code for control the selection network of DAC1. The matrix array ensures a very fast operation
and benefits the power consumption, however, adds layout complexity and increases the area.

Fig. 3.12 shows a detailed implementation of the matrix array. To ensure the 32 levels
of the one-out-of-N code, resulting of the summing operation, an array of 32x32 switches is
used. The one-out-of-N code of the encoder output is denoted in the decimal range from -9
to 9. The output code of the modulator and its delayed version are both represented from
-16 to 15 range. As shown in Fig. 3.12, the output VOUT ’ controls only one terminal of 18
levels of switches, the resting levels are connected to ground. The other available terminal
enables the output of the modulator, VOUT , while the delayed version of this output is fed back
to the input of the matrix itself for control the gate of the switches. Since the one-out-of-N
code establishes the active bit but the others only one switch is activated during the summing
operation between VOUT ’ and z−1 ·VOUT . Fig. 3.12 shows an example of the addition between
3 (from VOUT ’) and 9 (from z−1 ·VOUT ) decimal values. The expected result is 12 at the output
of the modulator.

Fig. 3.13 shows the complete schematic diagram of the comparator used in the flash con-
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verter [45], [62]. A reset switch MSW is connected between the two output nodes of the
preamplifier circuit, as shown in Fig. 3.13(a). This switch enables high-speed operation and
avoids the use of common mode feedback. During the reset phase (Φ is low) the reset switch
turned on, the differential output follows the differential input and the residual voltage from the
previous decision is erased. When Φ goes high the regeneration phase starts, thus the reset
switch is opened and transistors MR5, MR9 and MR6, MR10 form two back-to-back CMOS
inverters that generate the small output voltage, found in the beginning of this phase, to full-
scale digital levels. The comparator is designed for to have, in the reset phase, an output
voltage that is interpreted as the high logic value.

The latch structure of Fig. 3.13(b) is similar to the one used in the previous modulator (see
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Figure 3.13: Schematic diagram of the comparator. (a) Preamplifier circuit with a reset
switch. (b) Regenerative latch circuit.
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Fig. 2.11(b)) but exhibits an additional improvement [63]. The gates of transistors MR3 and
MR4 are connected to the output terminals while transistors MR5 and MR6 are now controlled
by the phase signal. This movement significantly reduces the sensitivity to the threshold
mismatch and gives rise to excellent Montecarlo results. Moreover, transistors MR3 and MR4

turning off the circuit in the reset clock period, benefit the dynamic current consumption.

3.3.1 Two Stage Operational Amplifier with Slew-
Rate Enhancement.

Two stage amplifiers fulfill moderate gain and high output swing requirements, but the most
challenging issues are imposed by the power consumption and by the slew-rate performance
limited by the compensation capacitor. One of the possible solutions is to increase the quies-
cent current of the amplifier, but this leads to a power consumtion penalty.

The slew-rate of a two stage fully differential amplifier, schematically indicated in Fig. 3.14,
is limited by the maximum current of the current sources. During positive slewing (VINP >

VINN ), the current through CC is limited by IB − I1P while, in the other half circuit, the current
through CC is limited by I1N . In the meantime, I2N must discharge (CC+CL). For an optimal
slewing operation of a conventional two stage amplifier, it is necessary to have

I2 = I1

(
CC + CL

CC

)
, 2I1 = IB . (3.9)

Therefore, for slew-rate enhancement, it is necessary to have a slew-rate monitor, which
boosts output current sources I1P , I2P and IB in one direction, and I1N , I2N and IB in the
other direction. When considering to use a slew-rate enhancement circuit, condition (1) is not
strictly necessary anymore since the auxiliary circuit provides the current required to improve
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VOUTP
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VOUTN
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I2P I2NCL CL

CC
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Figure 3.14: Conventional fully differential two stage amplifier
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the slew-rate. Suppose, for example, to increases the slew-rate by a factor β; generators IB
and I1 must be supported by an extra current of IBOOST = (β− 1)I1, while the current source
I2 needs an extra current of

I1(β − 1)
(
CC + CL

CC

)
(3.10)

Therefore, since the faster discharge of (CC+CL) is sustained by the extra boosting current,
the current in the second stage can be optimum for gain and speed.

The proposed slew-rate enhancement technique is based on the Fig. 3.15 [64]. Basically,
there is an additional auxiliary block, driven by the input signal, which monitors the slewing
conditions of the op-amp and boosts the slewing performance.

As mentioned above, for improving the slew-rate it is necessary to increase the currents
indicated with the symbols I1, I2 and IB in Fig. 3.14. Fig. 3.16(a) shows the used auxiliary
slew-rate monitor circuit. This architecture uses the bias current IB that, obviously, increases
the consumed power. The differential pair, MM1 and MM2, injects its current in two diode
connected transistors, MM5 and MM6. The extra current generators αIB establish the current
in MM5 and MM6. By inspection of the circuit, in the quiescent conditions, IMM5=IMM6=(α−
1/2)IB . Indeed, it has to be distinguished between two cases: α > 0.5 and α ≤ 0.5. In the
former case, the output current in the quiescent condition is zero and a minimum unbalance
is required for a boosting signal. The maximum current in the diode connected transistors is
(1 − α)IB , but, since the quiescent current is zero, the mirror factor can be very large. This

+
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OP-AMP
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+
VINN

VINP

VOUTP

VOUTN

Auxiliary Monitor Circuit
Slew-Rate Enhancement
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Figure 3.15: General block diagram of an op-amp with slew-rate enhancement.
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Figure 3.16: Slew-rate behavior for VINP > VINN . (a) Auxiliary monitor circuit. (b) Two
stage amplifier with slew-rate boosting.

operation can be a good choice for low power applications, however, switching transistors from
the off to the on state causes a delay that limits the boost speed. If α ≤ 0.5 the quiescent
current in the diode connected elements is (1/2 − α)Im. A full unbalance brings this current
to (1 − α)Im with a relative increase by (1 − α)/(1/2 − α). Therefore, if α = 0.3 the current
increases by 3.5, a good figure for practical cases.

The boosting operation in the two stage amplifier is done with additional current sources bi-
ased with the four output boosted signals, MO1 to MO4, generated by the auxiliary circuit [64].
As shown in Fig. 3.16(b), MO1 and MO2 boost the current of p-channel transistors in the two
stage amplifier while MO3 and MO4 boost the n-channel transistors. Therefore, when the
input differential signal is large, the input pair of the auxiliary circuit delivers the entire bias
current IB toward one of the two diode connected elements and obtains a significant boost of
the output control even thanks to a possibly large output mirror factor, described as β in the
current sources of Fig. 3.16(b).
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Figure 3.17: Schematic diagram of the complete operational amplifier. (a) Auxiliary monitor
circuit. (b) Two stage amplifier.

The complete schematic diagram of the operational amplifier is shown in Fig. 3.17. The
two stage amplifier uses four more n-channel transistors in parallel with the current sources
M7, M8 and MB . Similarly, four additional p-channel transistors are connected in parallel
with the current sources M3 and M4 and the output transistors M5 and M6. The current in
the differential pair is enhanced for slewing in both directions, while transistors M3 to M8 are
alternately intensified. The controls for n and p-channel boost uses a larger mirror factor (β) to
allow a scaling of the current in the second stage. At this purpose, the auxiliary circuit drains
a fraction of the current that mirror the p-channel output and diminishes its quiescent value.
For the sake of simplicity the same controls augment the differential pair current.

Fig. 3.18 shows the schematic circuit of the used common mode feedback (CMFB) [65].
The common mode control is done directly at the gates of transistors M3 and M4 of the
main amplifier, as shown in Fig. 3.17(b). The circuit uses a dedicated differential input pair
(MC1 and MC2) with diode connected loads (MC3 and MC4) to obtain relative high voltage
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Figure 3.18: CMFB circuit of the two stage amplifier.

gain. Moreover, to sense the output common mode level two switched-capacitor structures
implement the resistive sensing [44].

3.4 Simulation and Measurement Results.

The proposed architecture of Fig. 3.7 has been simulated with Matlab-SimulinkTM by con-
sidering the finite parameters of the op-amp [47]. The further reduction of the output swing in
both integrators is shown in Fig. 3.19.

The simulation compares the dynamic ouput voltage with and without the used swing re-
duction techniques in the proposed third-order modulator. The first integrator output goes
down from 1.352 VP−P to 0.201 VP−P , saving by almost 85 % its dynamic range. The second
integrator reduces its swing by approximately 48 % (0.816 VP−P to 0.427 VP−P ), verifying
the effectiveness of the analog feedforward path and the flash architecture with reduced input
dynamic range.

The single op-amp third-order Σ∆ modulator has been fully simulated at the transistor
level by using a 0.18-µm CMOS technology, dual poly and 6 metal levels. The nominal supply
voltage is 1.5 V . The two stage amplifier and auxiliary monitor circuit of Fig. 3.17 using a
current bias of IB = 10 µA. The CMFB circuit of Fig. 3.18 uses half.

Fig. 3.20 shows the slew-rate monitor response for different values of α. For α = 0.5,
the output current of transistors MM5 and MM6 is zero in quiescent conditions and starts
rising when the differential signal is larger that 10 mV differential. The output current reaches
its maximum IB/2 for large unbalance. With α = 0.25 the current in the diode connected
transistors ranges from 0.25 IB to 0.75 IB in the slewing status. The other displayed case is
for α = 0.

For a low power operation the top current generators of the auxiliary circuit are fixed to
7 µA (α = 0.7). Therefore, when the inputs are unbalanced, the slewing condition directs the
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Figure 3.19: Output voltage swing. (a) First integrator. (b) Second integrator.
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Figure 3.21: Simulated slew rate response.

maximum current in one branch and one of the diode connected transistor drains 3 µA. This
current and its mirrored version (β = 4) augments the output currents of the main amplifier.
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Table 3.1: Performance of the Two Stage Amplifier
0.18 µm, double poly, 6 metal levels CMOS technology, 1.5 V supply voltage

Parameter Symbol [Unit] Value

Bias Current IB [µA] 10

DC Gain Av [dB] 65

Unit Frequency GBW [MHz] 25

Phase Margin @ CL= 2 pF ΦM [Degree] 67

Slew-Rate Performance (with Boost) SR [V/µs] 3 (15.5)

Power Consumption (with Boost) PW [µW] 64.5 (67.5)

The slewing responses with a 2 pF load are compared in Fig. 3.21. The figure outlines a
slew-rate improvement by approximately 5.2 times (from 3 to 15.5 V/µs) by using the boost-
ing technique. Table 3.1 summarizes the performance of the amplifier. As expected, the
power consumption of the boosted scheme is higher than the one of the conventional circuit.
However, a proper trimming of the mirror factors enables a good reduction of the current in
the second stage of the op-amp. The performance are unchanged while the total consumed
power is only 4.5% more than the conventional counterpart.
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Figure 3.22: Simulated power spectral density.
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Fig. 3.22 shows the simulated power spectral density of the modulator. The input signal
is at -4 dBFS and its frequency is 98.56 kHz. Considering an oversampling ratio of 16, the
modulator achieves a signal to noise ratio (SNR) of 88 dB over a signal bandwidth of 100 kHz.

0.18 μm CMOS Tecnology
Dual Poly and 6 Metal Levels

A: Clock Generator
B: Single Op-amp
C: Flash Converter
D: Kelvin Divider DAC
E: Digital Logic
F: Switched-Capacitors
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Package:             60 pins LLP 
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Active Area:         1880μmx1880μm 
                            (Including Padring)
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Figure 3.23: Chip microphotograph of the modulator.
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Figure 3.24: Measured power spectral density of the proposed modulator.
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The chip microphotograph of the modulator integrated in a 60 pins LLP package is shown
in Fig. 3.23. The main circuital blocks are highlighted in the figure. The active area, including
padring, is 1880 µm x 1880 µm.

Fig. 3.24 shows the measured power spectrum with a 1.6 kHz input signal at -4 dBFS .
Sampled at 3.2 MHz (OSR = 16) the accomplished SNDR is 84 dB, corresponding to an
effective number of bits equal to 13.6. The FFT is made with 65536 points. Third and fifth har-
monic distortion tones are at -100 dBFS and -112 dBFS , respectively. The achieved spurious
free dynamic range (SFDR) is 96 dB while the measured power consumption of the modulator,
clocked at full speed, is 140 µW (the consumed power by output buffers are not considered).
The overall power breakdown of the modulator is depicted in Fig. 3.25. The attained FoM;
considering once again the expression

FoM =
PTOT

2ENoB2BW
(3.11)

where PTOT is the total power consumption, ENoB the effective number of bits, and BW
the signal bandwidth; is 54 fJ/conversion.

Fig. 3.26 shows the measured SNDR versus the input amplitude with OSR equal to 16
and 32. The higher oversampling ratio secures an increase of the SNDR peak at 88.9 dB
(approximately 14.5 bit of resolution) with -4 dBFS . The dynamic ranges for OSR equal to
16 and 32 are 88 dB and 94 dB, respectively. The higher resolution achieved with OSR = 32
does not benefit the noise shaping because the noise floor is slightly higher than expected.
The FoM for the 50 kHz bandwidth is 61 fJ/conversion-level.

Single Op-amp 
     with Boost
         60 μW (43%)

CMFB Circuit 
7.5 μW (5%)

A/D Flash Converter 
38 μW (27%)

Single Kelvin Divider 
D/A Converter  33μW 
(24%)

Output Buffers 
48 μW

(Excluded)

Clock Generator & Digital Logic
1.55 μW (1%)

Figure 3.25: Power Consumption of the single-opamp third-order modulator.
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Fig. 3.27 compares the performance of this Σ∆ modulator with other state-of-the-art A/D
converters reported in recent years. The power-efficency of the proposed third-order Σ∆
modulator verifies the effectiveness of the architecture. The performance summary of the
modulator is given in Table 3.2.

Table 3.2: Summary Performance of the Modulator
0.18 µm, double poly, 6 metal levels CMOS technology, 1.5 V supply voltage

Parameter Symbol [Unit] Value

Clock Frequency FS [MHz] 3.2

Power Consumption PW [µW] 140

Oversampling Ratio OSR [–] 16 32

Signal Bandwidth BW [kHz] 100 50

Peak SNDR SNDR [dB] 84.0 88.9

Effective Number of Bits ENoB [Bits] 13.6 14.5

Dynamic Range DR [dB] 88 94

Figure of Merit FoM [fJ/conversion-level] 54 61
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Chapter 4

High-Performance Σ∆

Modulators

This chapter presents two low-power Σ∆ modulators. The first one corresponds an a dou-
ble sampled second-order Σ∆ architecture with analog look ahead (ALA) approach. The
proposed method provides an extra clock period to be used for the quantization and allows
conversion with a relatively high oversampling ratio. The feedforward path in both integrators
combined with the reduction of the number of quantization levels in the quantizer, enables a
significant reduction in the overall power consumption of the modulator.

The second Σ∆ architecture exhibits a third-order noise shaping by using two operational
amplifiers. The modulator achieves complex conjugate zeros that allows obtaining a SNR
improvement of about 8 dB. Moreover, the design uses a fully digital solution to reduce both
amplifiers output swings. Behavioral level simulations, considering the slew-rate, bandwidth
and DC gain limits of the amplifier, demonstrate the effectiveness of the proposed solutions.

4.1 Double Sampled ALA Σ∆ Modulator.

Portable communication systems require wide-band data converters with medium reso-
lution and very low power. The Σ∆ technique is a suitable choice especially with multi-bit
DACs that relax the noise shaping requirements. The order of the modulator, the number of
bits of the quantizer and the oversampling ratio are the elements that the designer considers
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70 4.1. Double Sampled ALA Σ∆ Modulator.

for a minimum power consumption. Furthermore, the modulator can be continuous-time or
sampled-data. There are advantages and disadvantages for both solutions. The most rel-
evant benefit of continuous-time is the low power but the noise caused by the clock jitter is
a significant limit for very high clock frequencies. Besides, the linearity of the DAC can be
a significant source of noise and distortion. Therefore, for medium and high resolution it is
prudent to use the sampled data method but the power cost must be carefully considered.

As is known the double sampling technique enables the doubling of the sampling frequency
with a negligible extra cost in the op-amp power consumption [28], [29]. This is quite effective
for Σ∆ schemes because the number of bits is increased by the order of the modulator plus
one. The double sampling method avoids the phase during which the op-amp does not inte-
grate charge and actively operates the op-amp during both phases. Since input and output
must be sampled by two different capacitors it is necessary to reduce the effect caused by
mismatch but suitable proposed techniques moderate the limit [30], [31]. Indeed, a suitable
time-slot for the quantizer must be allocated. In conventional Σ∆ schemes this time is the half
of the full period delay unused by the last integrator. Since with double sampling scheme the
integrator uses the full period, the time necessary for quantization must be borrowed from the
full period. This increases the power of the integrator and the power of the ADC.

This section describes a design method that provides an extra clock period to be used for
the quantization. The method, called Analog Look Ahead (ALA), combined with a significant
reduction of the slew-rate requirements of the op-amps enables conversion with a relatively
high oversampling ratio (OSR) and low power.

4.1.1 Impact of the Dynamics in the Power Con-
sumption.

The power needed for the operation of a sampled-data Σ∆ modulator is mainly the power
of the op-amps and the ADC. The power of the digital sections is normally negligible. An ef-
fective conversion of wide-band signals seeks for the maximum OSR permitted by technology,
while using a given order of the modulator and a reasonable number of bits in the quantizer.
However, increasing the clock frequency increases the power because of the request of op-
amp bandwidth and slew-rate. Consider, for example, a conventional modulator running at
320 MHz and 1 VFS . The time for integration is 1.56 ns. Simulations with a behavioral model
show that the slewing time must be lower than 0.2 the available time. Therefore, with a full
swing signal and a small capacitance like 0.2 pF, the bias current of the input differential pair
must be

IB =
∆V
∆t

Ceq =
0.2 · 10−12

0.2 · 1.56 · 10−9
= 640 µA (4.1)
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Figure 4.1: Block diagram of the behavioral model.

Supposing to have an overdrive of the input pair of 0.2 V the estimated gain bandwidth
product, GBW, is about 2.5 GHz, more than enough for medium resolution. Therefore, being
the slew-rate the limit to low power it is necessary to use architectures that reduce the voltage
swing of integrators. In addition, a limited voltage swing enables the use of power effective
schemes like the telescopic cascode. The error caused by a limited speed of the op-amp used
in the second stage is less relevant than the one of the first stage because it is shaped at the
first order. As a rule of thumb we can suppose that the current bias of the input pair can be
half the one of the first stage op-amp.

The above considerations have been verified with a behavioral model that takes into ac-
count the finite bandwidth of the operational amplifiers and the slew-rate condition for the
double sampling technique (see Fig. 4.1). The model, which is not discussed in this work,
has several input parameters: the load capacitance of the integrator CL, the input pair over-
drive voltage VOV , the integration capacitors C1 and C2 and the maximum current that flows
through the differential pair Imax (considering for example a single stage amplifier). As shown
in Table 4.1, the simulations were done achieving the same SNR, for a traditional second order
architecture and the one with the forward loops. The modulator of Fig. 4.2 shows the feedfor-
ward paths at the input of the second integrator and the quantizer. With this comparison, for
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Figure 4.2: Second order Σ∆ modulator with feedforward paths.
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Table 4.1: Simulation Results at Behavioral Level
SNRideal = 68 dB @ -1dBFS , FS = 320 MHz @ OSR = 16

3 bit Flash converter, CL = 0.2 pF, Overdrive Voltage = 200 mV

Imax 1st Int. Imax 2nd Int. Total Power OSR SNR

Architecture [µA] [µA] [mW] [–] [dB]

Conven. single sampled 640 280 1.38 16 67.1

Conven. double sampled 360 180 0.81 8 67.2

AFF single sampled 340 220 8 16 67.1

AFF double sampled 170 120 0.81 8 66.9

the single and double sampling cases, it is possible to emphasize the benefits of reducing the
signals swing for the power reduction.

The estimated power consumption of the amplifiers given in Table 4.1 for a 1.5 V power
supply assumes that the power is dominated by the input stage. Actually, unless using a tele-
scopic scheme, there is an additional consumed power; therefore, for a quantitative estimation
it is necessary to refer to the specific op-amp architectures. However, as Table. 4.1 shows,
the power reduction can be as large as 3 times if both output swings are less than the input
pair overdrive (assumed in the behavioral model 0.2 V).

Supposing to reduce the power by significantly limiting the output swing, the power is de-
termined by the needed GBW that, for medium resolution is 2-3 times the clock frequency.
Under these conditions the double sampling technique is very convenient because the inte-
gration time doubles and the needed gm halves. This reduces by approximately 4 times the
bias current (see the current in the first integrator for the traditional single sampled and the
feedforward double sampling topologies).

4.1.2 Analog Look Ahead Principle.

For double sampled analog Σ∆ modulators, the use of the full period for the signal inte-
gration does not leave any time for the quantization and requires possible modifications of the
modulator architecture for relaxing the feedback timing. This discussion is treated in a recent
publication [32]. It uses extra branches in the architecture that obtain an extra delay available
for the quantizer and therefore the double sampled integration can be done in the complete
half cycle. However, the solution requires an extra delay of the input signal that complicates
the circuit implementation. The proposed architecture obtains the same result with a different
approach, called Analog Look Ahead (ALA) Σ∆ modulator.

In order to explain the method let us start from the single-loop second-order architecture
shown in Fig. 4.3.
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Figure 4.3: Single-loop second order Σ∆ modulator.

The system obtains an extra clock period if the input of the quantizer is the anticipation of
the voltage granted at the output of the second integrator, P2, during the next clock period.
This, by inspection of the diagram of Fig. 4.3 is

P2(n+ 1) = P2(n)− 2VOUT (n) + 2P1(n) (4.2)

that in the Z domain becomes

P2(z) = z−1 [P2(z)− 2VOUT (z) + 2P1(z)] (4.3)

and therefore, a full clock period delay becomes available for the A/D and D/A conversion.
The prediction in equation (4.3) can be realized with the architecture shown in Fig. 4.4.

The method can be extended to any Σ∆ architecture to obtain an extra clock period delay
for the quantizer. The cost of the method is an additional processing in front of the second
integrator. The operation can be implemented with a passive network if the number of com-
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Figure 4.4: The analog look ahead (ALA) principle.
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parators used by the flash converter is low (i. e. not more than 5). For many comparators it is
necessary to use an extra op-amp within a zero delay scheme.

4.1.3 The Proposed Dynamic Reduction ALA Σ∆

Modulator.

The proposed ALA topology gives the advantage to enable complete clock periods for the
injection of the signal at the input of integrators. Moreover there is a complete clock cycle for
the quantization of the second integrator that is sampled at the end of the full injection period.
These features enable the double sampled Σ∆ schemes whose architectures use in each
integrator a pair of switched capacitor inputs working in ping-pong fashion.

As discussed above, doubling the injection time significantly relaxes the op-amp specifi-
cations but there is another important feature: to have a low output swing in the op-amps. If
it is below the overdrive of the input pair there is no slewing and the full clock period is used
for the exponential settling of the output voltage (supposing a single pole transfer function).
Therefore, in addition to double sampling capability it is necessary to use architectures that
give rise to small outputs.

The two feedforward of Fig. 4.2 reduce the voltage swing of both integrators. These addi-
tional branches can be added to the scheme with the ALA addition. Since the first feedforward
enters the input of the first integrator, it is necessary to add an extra injection to the ALA equal
to the input multiplied by 2VIN . The second feedforward can be done directly at the input of
the ALA giving a total extra term of 3VIN the input signal, as is shown in Fig. 4.5.

Another element critical for the power consumption is the flash. Its power depends on three
factors: the quantization amplitude, the conversion rate and the number of comparators. The
quantization amplitude, ∆Q, multiplied by the preamplifier transconductance gives the current
that charges the parasitic capacitance, Cp, of the latch. Supposing that the latch requires a
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Figure 4.5: Effect of feedforward paths into the ALA topology.
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Figure 4.6: Flash converter with reduced input dynamics.

minimum voltage signal ∆ Vmin the charging time

∆t =
∆VminCp

gm∆Q
(4.4)

must be a fraction of the clock period. Therefore, since increasing gm requires a quadratic
increase of the bias current, the number of bits of the quantizer must be carefully chosen.
According to simulations, 3 or 4 bits are the best trade off with a converter full range of (0.5 -
1) V.

For a given flash resolution and medium OSR the power consumption of the flash can be
reduced by observing that the dynamic range at the output of the ALA stage in Fig. 4.5 is the
digital output minus the quantization error. This is the full scale (or more for 0 dBFS inputs)
and requires to use 2N - 1 comparators for the flash converter. It is possible to reduce the
number of required quantization levels by exploiting the correlation between two successive
samples granted at the input of the flash, as shown in Fig. 4.6. The amplitude of P2(n) -
VOUT (n-1) is smaller than P2(n); therefore quantizing P2(n) - VOUT (n-1) reduces the number
of comparators needed in the flash converter (see Chapter 2, Section 2.2.2).
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Figure 4.7: ALA modulator with flash converter with reduced input dynamics.

University of Pavia Integrated Microsystems Laboratory



76 4.1. Double Sampled ALA Σ∆ Modulator.

∑+_

1st Integrator

z-1

1-z-11/2VIN

DAC3

∑+
_

2nd Integrator

z-1

1-z-1
VOUT

DAC2

+

P1

P2
z-1+

+

_

1.5

Analog Look Ahead

DAC1

Feedforward Path 2 (AFF2)

+

1.5

Feedforward Path 1 (AFF1)

+ +

z-1
FLASH

3-bit

ADC

εq

2

Figure 4.8: Proposed ALA second-order Σ∆ architecture.

The extra branch of Fig. 4.6 added to the already existing ALA input of -2·VOUT gives a total
injection of -3·VOUT , as shown in Fig. 4.7. A topological transformation that moves the gain
by 2 of the integrator at the input of the quantizer gives the proposed analog double sampled
look ahead Σ∆ modulator shown in Fig. 4.8. The reduced dynamic ranges in the integrator’s
outputs and the reduced quantization levels are obtained because of the prediction realized
in the ALA stage.

Notice that the extra delay for the quantization is obtained without the necessity of analog
delays in the forward paths. As a result, the architecture can be designed with a switched
capacitor (SC) implementation. The forward paths addition can be realized at the input of the
second integrator and in the ALA stage, respectively.

There have been reported several architectures to implement the summing function [16],
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Figure 4.9: Switched-capacitor implementation of the ALA stage.
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[34], [35], [37]. Fig. 4.9 shows a possible switched capacitor implementation of the ALA at
the input of the flash converter [37]. For sake of simplicity the figure shows a single-ended
solution. The complete clock cycle of the ALA stage benefits a double sampling operation
thus eight SC structures, controlled by phases Φ1 and Φ2, implement its four inputs. The flash
converter is latched at half of each phase control. An unity capacitance, CU , is charged by
the output of the first an second integrator respectively, while an unity capacitance of 1.5CU

is used for the feedforward path and the output of DAC3. The reference voltage of the flash is
attenuated by approximately 10 times to satisfy both, the gain of two at the output of the ALA
stage and the attenuation factor given by the summing operation. This circuital solution avoids
the use of an additional operational amplifier but demands more sensitivity in the comparators.
However since with 3 bits the number of necessary comparators is only 4 the passive network
of Fig. 4.9 can be affordable without significant extra power.

The digital operations which make the reduction of the quantization levels in the flash
A/D converter barely increase the area and power consumption. The reduction of the signal
dynamics within the ALA Σ∆ modulator gives the possibility to use operational amplifiers with
relaxed characteristics.

4.1.4 Simulation Results with Matlab-Simulink.

The analog look ahead Σ∆ modulator was simulated in Matlab Simulink by considering
the behavioral model described early. In order to find the position of the proposed architecture
on the state of the art in analog Σ∆ modulators, the simulation results are compared under
the same conditions with one of the most recent architectures reported [32].

Fig. 4.10 shows the power spectrum of the double sampling ALA Σ∆ modulator for several
cases. The input signal frequency is set to 9.45 MHz with -1 dBFS . The sampling clock
frequency is 320 MHz. The SNR is almost equal to the ideal value with a current in the input
transistors equal to 61 µA and 78 µA respectively (the swing in the second op-amp is higher).
Lowering the current supply to 20% reduces the SNR by 3 dB, as shown in Table 4.2.

The relaxed feedback timing Σ∆ modulator has a similar signal dynamic behavior for the
first and second integrators and the slew-rate limits are similar to the proposed ALA technique.
On the other hand the ALA architecture yields a reduced input dynamic in the flash converter.
This is traduced in a reduction in the number of quantization levels and so in the number
of comparators (from 7 to 4) needed in the flash. The flash input for the proposed double
sampling ALA modulator and the double sampling time relaxed architecture [32] are compared
in Fig. 4.11. The principal characteristics are summarized in Table 4.2.
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Table 4.2: Simulation Results of the Proposed Double Sampled ALA Σ∆ Modulator
SNRideal = 68 dB @ -1dBFS , FS = 320 MHz @ OSR = 8

CL = 0.2 pF, Overdrive Voltage = 200 mV

Imax 1st Int. Imax 2nd Int. Total Power SNR

Architecture [µA] [µA] [mW] [dB] Bit Comparators

Time Relaxed [32] 80 60 0.21 67.1 3 7

ALA (this work) 61 78 0.20 67.0 3 4

4.2 Third-Order Σ∆ Modulator with Complex Con-
jugate NTF Zeros.

Today portable communications market demands for high-performance analog to digital
converters (ADCs) with severe requirements on power consumption, wide signal bandwidth
and high resolution. To meet specifications, Σ∆ modulators are more and more addressed
because provide good performance by taking advantage of the noise shaping. Furthermore,
Σ∆ architectures have several design parameters that require special attention to modulator
design: flash converter resolution, loop filter order and oversampling ratio (OSR). Increas-
ing any of these parameters improves the SNR. For wide-band applications the OSR of the
modulator cannot be to high because increases the power requirements of the amplifiers.
Consequently, one of the options to meet the demanding target with low OSR is increasing
the modulator order. However, a modulator with higher order loop filter will also results in more
power dissipation by adding more active blocks. A further benefit for high order schemes is to
have complex conjugate zeros [66]. For medium resolutions, the signal-to-noise (SNR) ratio
can be about 8 dB better than having all the zeros at z = 1. Moreover, the use of low voltage
swing operational amplifiers enable relaxed slew-rate requirements, better linearity, low power
consumption and allows operation at low power supply voltage.

The following proposed Σ∆ modulator obtains the all the above features. It realizes with
two operational amplifiers a third-order noise shaping; a fully digital solution reduces the am-
plifiers output swing and achieves complex conjugate NTF zeros.

4.2.1 Third-Order Σ∆ Modulator with Complex Con-
jugate Zeros.

Suitable topological changes of a third-order architecture obtains a scheme with two in-
tegrators, see Chapter 2. This proposed modulator obtains the result with complex conju-
gate zeros in the noise transfer function (NTF) by the direct cascade of two blocks, shown in
Fig. 4.12, that realizes a zero at z = 1 and two complex ones with imaginary part α/2.
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Figure 4.12: Block diagram of a third-order Σ∆ modulator with complex conjugate zeros.

The block K before DAC1 serves to avoid the denominator in the signal and noise transfer
functions. By inspection of the scheme, the denominator is

D = NTF + z−1[1 + (1− z−1)K] (4.5)

where
NTF = (1− z−1)[1− (2− α)z−1 + z−2] (4.6)

is the expected noise transfer function. The denominator becomes one if

K = (2− α)− z−1 (4.7)

Thus, the NTF is accomplished and the signal transfer function (STF) becomes z−1. The
scheme of Fig. 4.13 implements the second block of the architecture of Fig. 4.12. Its transfer
function is obtained by

(x− Py)z−1

1− z−1
= y (4.8)

that results in

H(z) =
y

x
=

z−1

(1− z−1) + Pz−1
(4.9)

x ∑+ _
z-1
1-z-1

y

P

Figure 4.13: Block diagram of the second block of Fig. 4.12.
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Therefore, it is necessary to have

P = z−1 − (1− α) (4.10)

that requires to use a delay obtainable in the analog domain.

4.2.2 Fully Digital Swing Reduction.

Several methods, [33], [38], [39], [40], obtain op-amps output ranges reduction in multi-bit
architectures. This design uses fully digital methods to avoid extra branches at the input of
the op-amps. Fig. 4.14 shows the technique used to reduce the swing at the first integrator.
An additional ADC (FLASH-2) converts the input signal VIN and obtains an input feedforward
toward the input of the second block.

By inspection of the circuit, the output of FLASH-1 is

VOUT ′ = VIN · z−1 + VIN · z−1(1− z−1) +NTF · εq (4.11)

where εq is the quantization error and VIN is the quantized version of the input signal, VIN .
Therefore, we can eliminate in the digital domain the term P1(z) · VIN = VIN · z−1(1 − z−1),
as shown in Fig. 4.14, to obtain the original response.

For the swing reduction of the second block, notice that its output is

O2 = VIN · z−1 + VIN · z−1(1− z−1) + εq · (NTF − 1) (4.12)
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Figure 4.14: Digital swing reduction of the first integrator output.
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Figure 4.15: Digital swing reduction at the output of the second amplifier.

With a suitable number of bits in FLASH-1 and FLASH-2, the dominant part of O2 is

VIN · P2(z) = VIN · z−1(2− z−1) (4.13)

Suppose to add and subtract that term to O2, as shown in Fig. 4.15. This operation does
not change O2. Then, the addition is moved in the digital section to obtain (O2−P2). The final
step is to move the subtraction to the input of the second block, as depicted in Fig. 4.15. The
output of the block becomes (O2 − P2). Obviously, moving −P2(z) at the input of the block
requires to divide −P2(z) by the block transfer function. Thus, the reduction of the swing of
the second block requires a second extra injection at its input, as shown in Fig. 4.16
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Figure 4.16: Third-order Σ∆ modulator with fully digital swing reduction.
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Suitable combinations of digital terms lead the proposed Σ∆ scheme of Fig. 4.17. Fig.
4.18 shows a possible single-ended SC implementation of the modulator. The analog delay
of (4.10) is realized with two capacitors working in interleaved fashion. The term (1− α), dis-
tinguished from the rest in Fig. 4.17, is realized by using the capacitor (1− α)Cu of Fig. 4.18.
This capacitor serves also to implement the conversion of DAC1. Moreover, to implement
DAC3, can be used the input capacitor Cin, whose left terminal is available during Φ1. The
figure includes the driving phases for switches control.

4.2.3 Simulation Results with Matlab-Simulink.

The proposed third-order Σ∆ modulator with reduced amplifiers output swing and complex
conjugate zeros has been simulated at the behavioral level [47] with Matlab-SimulinkTM. The
zeros placement depends on the accuracy of the capacitor that realizes this coefficient.
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Figure 4.19: NTF zeros placement.
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Figure 4.20: Simulated output voltage with and without digital swing reduction. (a) First
integrator. (b) Second integrator.
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Typical modern CMOS technologies ensure capacitors matching within ±0.02%. Monte-
carlo simulations (50 runs) obtain the root locus of equation (4.6), shown in Fig. 4.19. The
mismatch minimally affects the position of the complex conjugate zeros.

Fig. 4.20 shows the output voltage swing of the first integrator and the following block when
applying an input signal at -3 dBFS at the upper limit of the bandwidth with and without swings
reduction. The first and second output swings are reduced by about 43% (from 1.4 VP−P

to 0.8 VP−P ) and 56% (from 1.64 VP−P to 0.73 VP−P ), respectively, thus demonstrating the
effectiveness of the approach. Notice that the circuit implementation grants z−1/2 delay for
FLASH-2 operation. Moreover, since the swing of the second block is 56% of the full scale,
the number of comparators of FLASH-1 goes down from 15 to 8.

The overall consumed power is reduced despite the need of 8 more comparators. The
architecture spares the third op-amp (whose power need is about 50% of the first op-amp)
and does not need more power on the second block.
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Figure 4.21: Simulated power spectral density of the proposed modulator.

Simulation results show that the use of op-amp with bandwidth and slew-rate equal to
the ones of the first and second op-amps of a conventional counterpart obtains the noise
spectrum of Fig. 4.21. With 4 bit flash and OSR = 8, the SNR with all NTF zeros at z = 1 is
64.1 dB. Making complex conjugate two zeros with α = 1/11 optimizes the SNR that becomes
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72.2 dB. The simulation supposes a signal bandwidth of 2 MHz and amplifiers gain bandwidth
product GBW1 = GBW2 = 64 MHz. The performance summary of the modulator is shown in
Table 4.3.

Table 4.3: Summary Performance of the Proposed Modulator
Parameter Symbol [Unit] Value

Clock Frequency FS [MHz] 32

Oversampling Ratio OSR [–] 8

Signal Bandwidth BW [MHz] 2

Complex Conjugate Zeros Factor α 1/11 0

Signal to Noise Ratio SNR [dB] 72.2 64.1

Effective Number of Bits ENoB [Bits] 11.71 10.35
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Chapter 5

Conclusions

This thesis has been focused on the design of Σ∆ architectures well suitable for low power
applications. The used design strategies (namely reduction of the number of op-amps and
comparators as well as integrators output swing reduction) further reduce the overall power
consumption of the modulators but keeping the desired noise shaping peformance. The mea-
sured power efficiency of two Σ∆ prototypes have been verified the effectiveness of the pro-
posed architectures.

Two high-performance Σ∆ modulators have been proposed for wide band applications.
Several simulation results at behavioral level have been done to verify the benefits of the
architectures. Therefore, the main contributions of this thesis work can be divided in three
parts.

5.1 Reduction of the Number of Op-amps.

The third-order Σ∆ modulator, explained in detail in Chapter 2, exploits suitable topological
modifications in a conventional third-order modulator. The method eliminates one active sum
in the loop filter leading an a final architecture with only two operational amplifiers. The called
double integrator, resulted of these modifications, consist in a single integrator without delay
with two extra feedback terms (one with single and another with double delay), that can be
easily implemented with switched-capacitor structures. The measurement performance of the
Σ∆ prototype, integrated in a 0.18-µm CMOS technology, leads a FoM (0.58 pJ/conv) well
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suitable for Digital Video Broadcasting Handheld (DVB-H) requirements.
The proposed third-order Σ∆ modulator, described in Chapter 3, benefits the power con-

sumption by using a conventional second-order Σ∆ modulator. A properly injection of shaped
quantization noise at the input of the second integrator boost the noise shaping performance
from second to third-order. The additional enhancer block, which process the quantization
noise, is obtained from the synthesis of the given third-order noise shaping. Furthermore,
the modulator saves one integrator by employing a single operational amplifier working in a
multiplexed operation. Fabricated in a 0.18-µm CMOS technology, the Σ∆ prototype targets
the low power requirements of wireless sensor networks.

5.2 Integrators Output Swing Reduction.

Minimizing the op-amp output swing in Σ∆ modulators brings several advantages that
secure consumed low power. Operation at low power supply voltages, better linearity and
relaxed bandwidth and slew-rate requirements, are the main characteristics obtained from
this feature. The prototypes of Chapter 2 and Chapter 3 employ feedforward solution, to limit
at the quantization noise level, the output swing of the first integrator. The Analog Look Ahead
(ALA) second-order Σ∆ architecture presented in Chapter 4, uses the same approach for
reducing the output swing in both integrators at expenses of an additional summing block
before the quantizer. This active (or passive) addition however, is exploited by the architecture
since the proposed method ALA provide an extra clock period for the quantization process.
The ALA Σ∆ modulator has been proposed to solve the critical timing constraint in double
sampling schemes.

The good correlation between two successive flash input samples benefits not only the
output swing reduction at the output of the second integrator but also allows the reduction
of the number of comparators needed in the flash. With this approach the flash saves by
almost 40% its power consumption. In particular, for a 5 bit quantizer the required number
of comparators are only 18 instead of 32 while for a 3 bit quantizer the number of compara-
tors decreases from 7 to 4. The former case was verified in the two Σ∆ prototypes and at
behavioral level in the second architecture of Chapter 4. The second case was simulated at
behavioral level in the first architecture described in Chapter 4.

5.3 Noise Shaping Enhancement.

High resolution Σ∆ architectures are more and more addressed for wide-band portable
communication systems because taking advantage of the noise shaping. Moreover low power
consumption is an a critical issue to keep for long time the battery life. The second modulator
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of Chapter 4 meet all these features since it attains high resolution by exploiting complex
conjugate NTF zeros and uses a fully digital feedforward path to reduce the amplifiers output
swing. The latter feature adds quantization noise into the loop filter given by the additional
flash converter, however it is eliminated at the output of the modulator in the digital domain.
The proposed architecture employs two operational amplifier and achieves an enhanced third-
order noise transfer function by placing a zero at z = 1 and two complex ones with imaginary
part α/2. Simulations results at behavioral level shows that the proposed architecture obtains
an improvement of the SNR by almost 8 dB. Moreover, Montecarlo simulations with capacitor
mismatch of ±0.02% demonstrate a minimum effect in the position of the complex conjugate
zeros. Finally, the output swing of the first integrator is reduced by almost 43% while the
second integrator output swing improves by approximately 56%.
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Appendix A

Layout Description

The additional material presented in this appendix, aims to show the layout description of
the main blocks used to implement the power-efficiency Σ∆ prototypes of Chapter 2 and
Chapter 3. The first layout corresponds to the design of a third-order Σ∆ modulator suitable
for Digital Video Broadcasting-Handheld (DVB-H) applications. The second layout describes
the design of a third-order Σ∆ modulator capable to meet the low power design specifications
of wireless sensor networks. The layout of the switched-capacitor (SC) implementation of
the integrators as well as the different analog and digital blocks involved in the design of the
two prototypes are shown in detail. Furthermore, the schematic circuits of the amplifiers and
comparators (including dimension of the transistors) are also included.
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A.1 First Layout Description (1LD).
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Third-Order ΣΔ Modualtor for DVB-H

Figure A.1: 1LD. Top level of the Σ∆ modulator without padring.
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Figure A.6: 1LD. Complementary layout circuits: flash converter, digital summing operation
and clock generator.
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A.2 Second Layout Description (2LD).
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Appendix B

PCB Design Considerations

The PCB (Printed Circuit Board) used for validating and, more important, for testing data con-
verters must be carefully designed to preserve the quality of the parameters being measured
and to avoid false errors that hamper the results. The design of the interface board requires
good design techniques such proper signal routing, decoupling, and grounding when mea-
suring Signal-to-Noise-and-Distortion-Ratio (SNDR), Spurious-Free-Dynamic-Range (SFDR)
and other dynamic features in data converters with conversion rates of hundreds of MS/s. The
ADC evaluation board generally contain an on-board low-jitter sampling clock oscillator, out-
put registers, and appropriate power and signal connectors. They also may have additional
support circuitry such as the ADC input buffer amplifier and external reference. The purpose
of this appendix, is to provide to the designer some practical layout recommendations to avoid
inaccuracies in the PCB that can totally mask the performance of the involved integrated cir-
cuits. The appendix also contains the layout of the evaluation boards used in the experimental
setup of the two Σ∆ prototypes explained in Chapter 2 and Chapter 3.

B.1 Driving the Analog Inputs.

Differential modes of operation with either an ac or dc input provide the best THD perfor-
mance over a wide frequency range [11], [43]. Since not all applications have a signal precon-
ditioned for differential operation, there is often a need to perform single-ended-to-differential
conversion. Differential inputs allow much improvement in performance on-chip as signals are
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 A/D ConverterC

R R

R

VINP

VINN

Common Mode 
Level

Transformer

Figure B.1: Using an RF transformer to generate differential inputs.

processed through attenuation and gain stages. Most of the improvement is a result of differ-
ential analog stages having high rejection of even order harmonics. There are also benefits at
the PCB level [67]. First, differential inputs have high common mode rejection to stray signals
such as ground and power noise. Also, they provide good rejection to common mode signals
such as a local oscillator feed-through.

In systems that do not need to be dc-coupled, an RF transformer [68], [69] with a center
tap offers a good solution to perform a single-ended-to-differential conversion (and vice versa).
Transformers also can perform the additional functions of galvanic isolation, step-up or step-
down of voltages, and impedance transformation. For these reasons, transformers will always
find uses in certain applications [67]. Fig. B.1 shows how a transformer is used for single-
ended-to-differential conversion [70], [71], [72].

It provides the benefits of operating the ADC in the differential mode without contributing
additional noise and distortion. The center tap is used to shift the differential signal to the
common-mode level required. An RF transformer also has the benefit of providing electrical
isolation between the signal source and the ADC.

Another alternative method of applying differential drive to the converter is to use a differ-
ential amplifier, such as the AD8138 [73]. The AD8138 can be used in applications where
dc coupling is required and can be operated as a single-ended-to-differential amplifier or as a
differential-to-differential amplifier. The AD8138 is as easy to use as an op amp, and greatly
simplifies differential signal amplification and driving. Fig. B.2 shows the typical application cir-
cuit of the AD8138 [70], [71], [73] in a single-ended-to-differential amplifier configuration. The
differential outputs of the AD8138 helps balance the input-to-differential ADCs, maximizing
the performance of the ADC.

Moreover, the AD8138 eliminates the need for a transformer with high performance ADCs,
preserving the low frequency and dc information. The positive and negative outputs of the
amplifier are connected to the respective inputs on the converter with a pair of series resistors
to minimize the effects of switched capacitance on the front end of the converter.
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Figure B.2: Using the AD8138 as a Single-Ended-to-Differential Amplifier.

The RC low-pass filter on each analog input (mounted as close to the converter as pos-
sible) is recommended in ac applications to remove the high frequency components of the
analog input. The architecture of the AD8138 results in outputs that are highly balanced over
a wide frequency range without requiring tightly matched external components. If the ana-
log input source being used has zero impedance, then all four resistors (Rf1, Rf2, Rg1 and
Rg2) should be the same. If the source has a 50 Ω impedance and a 50 Ω termination (see
Fig. B.2), for example, the value of Rg2 should be increased by 25 Ω to balance this parallel
impedance on the input and thus ensure that both the positive and negative analog inputs
have the same gain [73].

B.2 Low and High Frequency Decoupling.

The power supply pins should be bypassed as close as possible to the device to the nearby
ground plane. The power supply traces should be as a large as possible (approximately 3 mm
wide or more) to provide low impedance paths and reduce the effects of glitches on the power
supply line [72]. Good surface-mount high frequency ceramic chip capacitors should be used
to achieve minimum trace length, low impedance, and low parasitic capacitance. This bypass-
ing should be done with a capacitance value of 0.01 µF to 0.1 µF for each supply [71], [70].
Further away, low frequency bypassing should be provided with 10 µF electrolytic capacitors
from each supply to ground. At each individual analog stage, further local, high-frequency-
only filtering is required at the individual IC package power pins.

Fig. B.3 shows in both correct (left) as well as incorrect example (right) of supply filter
implementations [67]. In the left example, a typical 0.1 µF chip ceramic capacitor goes directly
to the opposite PCB side ground plane, by virtue of the via, and on to the ICs GND pin by
a second via. In contrast, the less desirable setup at the right adds additional PCB trace
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Figure B.3: Power supply filter implementation.

inductance in the ground path of the decoupling capacitor, reducing effectiveness. All high
frequency (i.e., ≥10 MHz) ICs should use a bypassing scheme similar to Fig. B.3 for best
performance. The ferrite beads are not 100% necessary, but they will add extra high frequency
noise isolation and decoupling, which is often desirable

The signal routing should be short and direct in order to avoid parasitic effects. Wher-
ever there are complementary signals, a symmetrical layout should be provided to the extent
possible to maximize the balance performance. When running differential signals over a long
distance, the traces on PCB should be close together or any differential wiring should be
twisted together to minimize the area of the loop that is formed. This will reduce the radiated
energy and make the circuit less susceptible to interference.

B.3 Double-Sided Vs. Multilayer PCBs.

Ideally, a double-sided board should have one side completely dedicated to ground and
the other side for interconnections. In practice, this is not possible, since some of the ground
plane will certainly have to be removed to allow for signal and power crossovers, vias, and
through-holes. Nevertheless, as much area as possible should be preserved. The ground
layer should be checked carefully to make sure there are no isolated ground because IC
ground pins located in this zones have no current return path to the ground plane. In the
other hand, auto-routing board layout techniques will generally lead to a layout disaster on a
mixed-signal board, so manual intervention is highly recommended.

Systems that are densely packed with surface mount ICs will have a large number of
interconnections; therefore multilayer boards are mandatory. This allows at least one complete
layer to be dedicated to ground. As shown in Fig. B.4, a simple 4-layer board would have

Integrated Microsystems Laboratory University of Pavia



Chapter B. PCB Design Considerations 109

Internal Ground Layer

Interconnection 
Layers

Power Plane Layer

Figure B.4: Multilayer board. Conceptual 4-layer example.

internal ground and power plane layers with the outer two layers used for interconnections
between the surface mount components. Placing the power and ground planes adjacent to
each other provides additional inter-plane capacitance which helps high frequency decoupling
of the power supply and ensure highest level of signal integrity [11], [67].

B.4 Separating Analog and Digital Ground Planes.

In mixed-signal systems such data converters, it is highly desirable to physically separate
sensitive analog components from noisy digital components. Separate power supplies for
analog and digital circuits are also highly desirable, even if the voltages are the same. It may
also be beneficial to use separate ground planes for the analog and the digital circuitry. These
planes should not overlap in order to minimize capacitive coupling between the two. It is then
further recommended that the analog ground (AGND) and digital ground (DGND) pins of a
converter be tied together and that the analog ground and digital ground planes be connected
at that same point as shown in Fig. B.5 [67]. This essentially creates the system star ground
at the mixed-signal device.

With this approach all noisy digital currents are isolated from the sensitive analog section
of the board. However, for systems that have several ADCs or DACs on different PCBs (or on

Analog Ground Plane Digital Ground Plane 

Star Ground

Mixed Signal
Device

VDVA

AGND DGNDAnalog Circuits
Analog 
Supply

Digital 
Supply

Digital Circuits

Figure B.5: Grounding mixed signal ICs: the analog ground and digital ground planes are
connected at that same point.
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Figure B.6: Grounding alternative: the back-to-back Schottky diodes connect the analog
ground and digital ground planes.

the same PCB, for that matter), the analog and digital ground planes become connected at
several points, creating the possibility of ground loops and making a single-point star ground
system impossible.

Fig. B.6 shows optional Schottky diodes in back-to-back configuration for connect the ana-
log and digital ground planes [67]. The Schottky diodes are preferable because of their low
capacitance and low forward voltage drop. The low capacitance prevents ac coupling between
the analog and digital ground planes. Moreover, these devices prevent large dc voltages or
low frequency voltage spikes from developing across the two planes. These voltages can
potentially damage the mixed signal IC if they exceed 300 mV because they appear directly
between the AGND and DGND pins. As an alternative to the back-to-back Schottky diodes,
a ferrite bead provides a dc connection between the two planes but isolates them at frequen-
cies above a few MHz where the ferrite bead becomes resistive. This protects the IC from dc
voltages between AGND and DGND, but the dc connection provided by the ferrite bead can
introduce unwanted dc ground loops and may not be suitable for high resolution systems.

B.5 Clock Signal and Final Considerations.

Fast switching signals, such as the clock signal, should be shielded with digital ground to
avoid radiating noise to other sections of the board [11]. In many cases, the clock signal is
derived from a higher frequency multi-purpose system clock which is generated on the digital
ground plane. Thus, it is extremely important route high speed digital signal traces well away
from all the sensitive analog traces.

There are a number of important points to be considered when making signal and power
connections. First, the noise can be minimized by paying attention to the system layout and
preventing different signals from interfering with each other. High level analog signals should
be separated from low level analog signals, and both should be kept away from digital signals.
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Second, the ground plane can act as a shield where sensitive signals cross. Thus, all sensitive
areas must be isolated from each other and signal paths are placed as short as possible
avoiding 90 degree turns. Finally, multiple ground pins are important because keep down the
ground impedance at the junction between the board and the ground planes.

The layout of the evaluation board is optimized in terms of grounding, decoupling, and
signal routing and can be used as a model when laying out the ADC PC board in the system.
The actual evaluation board layout is usually available from the ADC manufacturer in the form
of computer CAD files (Gerber files). In many cases, the layout of the various layers appears
on the data sheet for the device.

B.6 Evaluation Board Layouts.

The main purpose of this section is to show the layout of the multilayer evaluation boards
used for the experimental results of the two Σ∆ prototypes presented in Chapter 2 and Chap-
ter 3. The PCBs have been designed by following the practical recommendations described
above. The schematic circuit as well as every layer level of each board are highlighted.

The first evaluation board (EB1) has been used for testing a third-order Σ∆ modulator
which targets DVB-H applications. The second evaluation board (EB2) was designed for test-
ing a third-order Σ∆ modulator, implemented with only one operational amplifier, that accom-
plishes the wireless sensor network specifications.
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B.6.1 First Evaluation Board (1EB).

Figure B.7: 1EB. Evaluation board schematic. Test board of a third-order Σ∆ modulator for
DVB-H applications.
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Figure B.8: 1EB. Silkscreen layer (Left) and all layers (right).

Figure B.9: 1EB. Analog (left) and digital (right) ground plane Layers.

Figure B.10: 1EB. Top signal level (left) and bottom signal level (right).
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B.6.2 Second Evaluation Board (2EB).

Figure B.11: 2EB. Evaluation board schematic. Test board of a single op-amp third-order
Σ∆ modulator for wireless sensor network applications.
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Figure B.12: 2EB. Silkscreen layer (Left) and all layers (right).

Figure B.13: 2EB. Analog (left) and digital (right) ground plane Layers.

Figure B.14: 2EB. Top level routing layer.
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