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Introduction

A challenging issue consists in getting the twongti@s X and Y separately, when it is
given only the sum of them. This is actually impbkgsif no other information about X and Y is
provided. However it is still highly demanding ifvaay to distinguish X from Y exists, but the
absolute value of X is much smaller than the alteafalue of Y. Even if Y, in this case, can be
well estimated, X needs very high relative accurany effort to be detected.

This is what mainly occurs in a wireless receiveain. X is the desired information signal of
interest, Y is the interferer corrupting the reg@ptand the frequency spacing between the two
quantities is the way to distinguish them. In a nmétectronic implementation, the effort to
extract the weak information from a worst-case adgerof surrounding high power blockers is
paid in terms of battery power consumption andailiarea.

In the field of CMOS based systems, the trend tluce costs is moving towards increasing
levels of integration, in order to exploit the sogldown of the integrated technology. Up to
22nm digital signal processors are today in prddoctThey benefit of the reduced device
(transistor) size to achieve high performance (¥asy processing) at low power consumption.
Vice-versa, assumed the same performance, lesersiirea is required than in the previous
technological node, thus saving manufacturing ¢ofis high level market productions
Transferring the analog processing into the digitatld becomes so mandatory, when possible,
since the scaling down of the analog circuits ih swattractive. Moreover the integration on-
chip of any off-chip functionality strongly contribes to lower the system level costs.

When a wireless receiver chain is considered, Soévdefined Radio paradigm implements
this trend, proposing a full-silicon fully reconfigable multi-standard radio. Even if the pure
Software Defined Radio is still far to come, diffat ideas and new designs have been presented
in the recent literature to tackle its implememtatissues.

Dealing with the low-frequency section of a wiralegceiver, the base-band, a filtering
Analog to Digital Converter (ADC) family is propaseSuch a topology of circuits operates to
move the analog to digital interface as close asipte to the antenna, i.e. just after the down-
conversion mixer. Blocker resilient property is doned with digital conversion, to get a clever
low-cost and low power processing.




In Chapter 1 the genesis of a filtering ADC is shown as an enmntation step towards the
Software Defined Radio. This is in turn presentedh& lowest cost ideal solution in the field of
wireless receivers. Adopting a filtering ADC reasrnew signal to noise and distortion ratio
and dynamic range definitions, to take into accdbmet circuit selectivity, when defining the
base-band specifications. A behavioral comparisetwéen a filtering approach and a more
traditional wide-band one is given.

Chapter 2 deals with the Filtering ADC topology. The Fillegi ADC architecture is
described in detail (structure, continuous timengigand noise transfer functions) together with
its benefit in handling a receiver spectrum scenavith respect to a filter-ADC cascaded
solution. An evolution Filtering ADC circuit (E-Réring ADC) is also shown, improving
Filtering ADC performance. A brief comparison beénehe two blocks is provided.

In Chapter 3 the Filtering ADC, used to represent the entiral@mn base-band of a full
silicon digital terrestrial television tuner, isggented. Due to the Filtering ADC, the receiver is
compliant to both the DVB-T European and ATSC Aman standard. Simulations and
measurement results of the integrated 80nm pratcaye reported.

In Chapter 4 the E-Filtering ADC used to represent the entiteleg base-band of a GSM-
UMTS cellular receiver, is described. First a systevel study of a new E-Filtering ADC based
receiver chain is proposed. Then a 40nm silicortopype of an equivalent Rauch based
architecture is presented, showing simulationsraedsurements results.

Chapter 5 deals with the interface between the RF and tise-band section of a wireless
receiver chain. Active and passive mixer solutiares shown. Since the passive one is recently
the most used in the state of the art, a switclapaaitor model of current-driven passive mixer
gain and noise is reported.

In Appendix | (completing Chapter 2) the discrete time behawiora Filtering ADC is
tackled, in order to show the limitations of thenttouous time description given in Chapter 2.

In Appendix Il (completing Chapter 4) the issue of jitter nots@aming from the clock phase
noise, of a Filtering ADC is addressed.
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Chapter 1

Towards Software Defined Radio: high
dynamic range base-bands

The cost reduction, due to technology improvements, is
mainly leading the evolution in the fild of CMOS
wireless receivers (1.1). In this chapter the Filtering
ADC concept is presented as a first step towards the
implementation of a Software Defined Radio (SDR) (1.2).
A new definition of frequency dependent signal to noise
and distortion ratio (SNDR) and dynamic range (DR) is
then given (1.3). Finally, the Filtering ADC benefit in the
handling of the ATSC-A/74 standard is shown providing
a brief comparison with respect to the traditional wide-
band ADC solutions (1.4).

1.1 The cost reduction in the field of CMOS wirelesseceivers

Reducing costs is the primary goal of any micraetedic industrial design, prototype and
product. This is true also in the researching afdhe interest goes in the direction to develop
new ideas for market applications. In this sensahe field of CMOS wireless receivers, two
main elements act as guidelines (see Figure 1).

First, according to the scaling down of the CMOtegnation technology (nowadays down to
22nm transistor channel length), a big effort hesrbmade to create solutions and architectures
able to exploit this trend. Since digital circudstually benefit from the technology scaling
down, while for analog ones it is less attractitgs first step mainly consists in substituting all
the analog blocks with a lower-cost digital sigpedcessor (DSP). In this way, the low-power,
low-size, high-frequency, simply reconfigurable dad-cost scalable resources of the digital
can be exploited entirely [1].

Second, over the last decade an important evolutt@as been carried out towards the
reduction of the bill of material (BOM), i.e. rening all the blocks (mainly high selectivity
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Fig. 1 Cost reduction issues in the field of wireks receivers

filters) which are used off-chip in the signal ededttion from the antenna to the digital receiver
core. In the past this was already accomplishedtiuting the traditional superheterodyne
receiver architecture with the direct conversiore ¢noth low-IF and zero-IF). More recently

the focus has been moved to the antenna-chip acte(e.g. SAW filters in cellular applications

or high Q filters in television ones) [2-3].

Both the previous elements are working with the rmpurpose to increase the CMOS
integration, in order to provide to the market loast chips embedding the entire receiver
functionality on silicon. This of course has to hehieved without degrading the receiver
performance, and still operating in a limited powensumption environment. A full-silicon
solution probably can not lead the market, if theppsed receiver sensitivity is not comparable
with the one of existing state of the art produdtise same is true also if the performance is
comparable, but the power consumption is not wetistrained. Furthermore nothing “comes
for free”. The main consequence of this is that endesign skills, new ideas, more design
efforts and more complexity are continuously reedito carry forward the integration demand.

According to the previous aspects, Software-DefiRadio paradigm is coming of age. The
SDR ultimate target is to place the analog to digibnverter (ADC) directly at the antenna,
thus providing a multi-standard full-digital receiv Such an ideal radio should be able to
receive different standards on a very-broadband éRkFironment (300MHz-6GHz) only
reconfiguring one single DSP. On one hand this da@admpletely eliminate the analog front-
end, using only one analog to digital conversigruirstage after the antenna. On the other hand
this would set to zero the BOM. SDR, in this semepresent the lowest-cost possible solution
in the application field of wireless receiver ctajd-5].

In the following subsections one possible prelimynstep towards the realization of a SDR
is shown. The on-chip analog to digital substitatie primarily object of interest, since the
focus will be given to a base-band block (Chaptand Chapter 2) of a wireless receiver chain.
However, the BOM reduction will be also indirecthckled when discussing the full silicon TV
tuner (Chapter 3) and the SAW-less cellular regdi@hapter 4) applications.

1.2 Towards Software Defined Radio: the Filtering ADCbase-band
topology

The SDR final solution (i.e. the antenna ADC) ig feasible or extremely power hungry
with the present technology [6]. Attempts to molre ADC before the down-conversion mixer
[7-8] have been proposed, but their performanatillsnot competitive with the state of the art.
A simpler step towards the SDR implementation lxitige analog to digital interface just after
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Fig. 2 A traditional direct-conversion wireless reeiver chain. Scenario processing through the
chain

the down-conversion stage (i.e. as the first eléroéthe base-band section). Removing all the
stages located in-between the mixer and the ADidveever not trivial, since the analog base-
band implements traditionally a filtering actionhieh attenuates the interferers to avoid the
saturation of the converter. Furthermore, a chglten noise performance is required at the
base-band, to make the receiver sense the neansiigity input desired signals. These aspects
show the main issue of replacing the analog basd-kdth a single ADC: the ability of the
converter to detect a low-power wanted signal sumded by a critical scenario of high-power
blockers.

The building blocks architecture of a traditionaladrature direct conversion wireless
receiver is shown in Figure 2 [9]. An off-chip SAfilter is placed just after the antenna. The
RF section comprises a low noise amplifier, a \deiagain control block (Authomatic Gain
Control), generally controlled by the digital secti and a down-conversion mixer (RF to base-
band interface). The base-band (BB) is the casoade analog filter, which distinguishes the
desired signal from the blockers depending oniitsrihg order, and of an analog to digital
converter. The ADC is assumed with wide-band sigraadsfer function, since this is the most
traditional case. Its most used implementatiorecently the one of a continuous-time Sigma-
Delta modulator, due to its low-power high perfonoa processing and intrinsic anti-aliasing
filtering. Such an ADC topology is so taken herereference, since it gives the possibility to
realize a less selective analog domain channetifij than the case in which a Nyquist ADC is
used [10-12]. The LO generation is considered agadtis assumed given by a Phase Locked
Loop able to generate also the quadrature in th@&i®. Notice that the chain is described only
from the functional point of view and not from tbiecuit detail one (e.g. the variability of the
gain can be implemented also at BB only, or botRFaand at BB).

A typical received input scenario going through ¢hain is also shown. What is of interest
now is not the absolute power of the signal anthefblockers along the chain, but the relative
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power between them. It has to be in fact taken amcount that the main goal of the overall
receiver, after the digital selective filtering ate-modulation, is to get the signal to noise ratio
(SNR) required by the application standard (comweding to a bit error rate), and that the
filtered blockers count in this context as noiseisShe desired signal, IBB is the in-band
blocker, which is out-of-the signal band of intérbat into the application band, OOB is the
out-of-band blocker, which falls out of the apptioa bandwidth. The application selectivity is
in general performed by the SAW (some selectivityaiso given by the LNA in resonating
implementations), while the signal selectivity &alized by the analog low-pass filtering stage
only and not by the RF section. At the same timesaoembedding also intermodulation
products for simplicity, is added by the blocksjgireducing the distance between the signal
and the noise floor at every step of the structure.

At the input of the ADC two are the elements thadracterize qualitatively the spectrum.
First the distance D1 between the desired signalep@nd the total noise floor. Second the
relative power D2 between the desired signal arel ithterferers (Figure 2). D1 and D2
indirectly give the specifications of the ADC. Tagiin fact the signal as a reference, the more
D1 is small, the less the ADC can deteriorate ammuperformance of the preceding stages, and
so has to have low input referred noise. The mdteshhigh, the more the ADC has to be able
to handle high power input signals. This in turquiees high input signal dynamic, in order to
avoid a saturation, and high linearity, not to ugdethe intermodulation products.

Assume now the chain case reported in Figure 3.0Rhedifference with the former is the
absence of the base-band filtering stage (the ADQut after the mixer). Assuming negligible
the noise of the filter, the distance D1 is not ified, while the distance D2 is increased. Such
situation is also more critical when the SAW filterplanned to be removed. The OOB blocker
in fact reaches the base-band without filterind,intreasing D2.

This simple example confirms what stated above tha demanding base-band noise and
linearity performance is required at a post-mix&Q It also briefly introduces the problem to




Chapter 1 Towards Software Defined Radio: high dynamic range base-bands

RF

W
o)

[ " ADC
' ' filter
! On-chip - / n,
Antenna . X . b. \ T:. 7
(] L] —_—
(] [ ] /7
' . DAC
Y PLL | N .
= ‘ (bac 5
° ' . \ H
%ﬁgy } LNA k / 1 | Filtering
- b4 4 T:» T:. i ADCs
; L Mixers & ™ iter —
: i " ADC  ----- !
] H ' ~,
] ]
i
. @
D2
I ‘ ‘ | [’ifjﬁ
S IBBOBB (35 S IBB OBB (35 D1 S IBB OBB 3%

Fig. 4 The Filtering ADC based wireless receiver @in. Scenario processing through the chain

define base-band specifications, when a filteringa-filtering solution is considered. Such an
issue will be tackled in a more detailed way intieecl.3.

In this dissertation a low-pass filtering continedime Sigma-Delta modulator is presented.
It embeds interferers filtering and signal digitina in the Filtering ADC basic architecture
(Filtering ADC), and combines the variable gainligbitoo in the Evolution Filtering ADC
structure (E-Filtering ADC). Such architectures @gptually move the analog to digital
interface immediately after the mixer, and theyexpected to represent the entire analog base-
band of a wireless receiver.

The architecture of the Filtering ADC based recedtaain is reported in Figure 4, together
with the signal processing through it (for simglcihe Filtering ADC notation is used here to
address both the basic and the evolution implertien)a A digital to analog converter (DAC)
is used to close a feedback loop from the ADC dutpuhe filter input. The specifications D1
and D2 for the overall ADC, if referred at the inmi the base-band, are the same as for the
wide-band ADC case. In Figure 4 the AGC block hesrbalso embedded into the base-band,
since it is the case of the E-Filtering ADC.

The operation of combining the filtering actionanthe ADC is attractive only if an
advantage can be clearly seen with respect taltee ADC cascaded topology. The base-band
specifications in fact are also equal to the oergsiired at the filter input (not at the ADC input)
of the more traditional base-band. The main consecgs of this are that neither the base-band
noise can increase, nor the non linearity can lggadied and that the power consumption and
area have to be maintained less or equal. In ¢inisesthe Filtering ADC is useful only if it gives
to the receiver the possibility to get a more &fit elaboration than the cascaded solution.
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1.3 Signal to noise and distortion ratio and dynamigange profile

Traditionally, ADC specifications are provided erms of signal to noise and distortion ratio
(SNDR) and dynamic range (DR). They are used toesddconceptually the capability of a
circuit to handle the large signals with good liitya(up to the saturation) and to detect vice-
versa the small ones (down to the noise floor) \aithuracy, and are so directly linked to the
guantities D1 and D2 described before. SNDR andaBRdefined in literature as follows: first
the SNDR is given and then the DR [13].

As the name suggests, the SNDR is the ratio betweemower of the in-band signal
processed in an ADC divided for the sum of the edisintegrated in the band of interest and
the distortion products D generated in the samal.b@he SNDR is in general given output-
referred, since distortion and noise are physiaattiyerved at the block output. Being the ADC
traditionally a wide-band system, however, no ddfeee is obtained if the SNDR is input-
referred. Assuming a sinusoidal tone at the inpith amplitude A, the SNDR is given by the
following equation:

lAZ
SNDR =2—. (1)
N+D

An in-band signal tone is used and the distortionsDn this case the third harmonic
distortion of the ADC. N is the noise floor of tlwwnverter. The SNDR depends on the
amplitude of the input signal. A SNDR plot vershe tnput power is reported in Figure 5. This
graph is always used to characterize the ADC pexdoce, especially in the field of Sigma-
Delta converters. At low amplitude A the distortibrcan be neglected in comparison to N, and
so the SNDR grows proportional with the signal pow certain amplitude the third harmonic
distortion dominates the noise floor and the SNDRe$ its slope with respect to the input
increase. In a real implementation, when the aomgditis close to the converter full-scale FS,
which is the maximum signal that can be handlethbycircuit (e.g. at the limit of the converter
instability in a Sigma-Delta modulator implementali, other effects arise, thus deteriorating
the SNDR more than the non-linearity only. Actudlye maximum SNDR (maxSNDR, Y in

8
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Figure 5) and the distance in dB between the angditevel at which it is reached and the full-
scale reference level of the converter are objeatterest. The equivalent number of bits of a
converter (ENOB) is in fact calculated from the maxm SNDR, being ENOB=(maxSNDR-
1.76)/6.02.

The dynamic range is defined as the ratio betwkemtaximum signal that the converter is
able to handle (i.e. 0dBFS) and the noise floolt Man be read in the SNDR plot as X (x axis,
inverting the sign, of the point at which SNDR=0)as Y".

The SNDR and DR definitions given so far are valid only for ADC converters, but can
be extended directly to any kind of circuit (basemb) with wide-band signal transfer function
response.

When a filtering block is taken into consideratias, e.g. the Filtering ADC, the definitions
of SNDR and DR have to be modified, to provide imare useful and fair way the base-band
block specifications. It was shown that the inputhe Filtering ADC (or the input of any base-
band section) is represented by a desired sigrakarrounding interferers. While in a wide-
band circuit both the signal and the interferers iaside the converter bandwidth and so are
processed in an equal way, a narrow-band solusi@ble to distinguish the useful information
from the blocker. The main consequence of thitias the SNDR and DR definitions can hold
not longer, since the filtering dependence hastaralyzed.

The simple difference, in comparison to wide-barahiéectures, is that the maximum signal
that the base-band has to handle is no more irtieleband of the circuit. The base-band
specification is in fact defined in the worst caseeption, i.e. with a noise able to satisfy
sensitivity requirements and with linearity abletdterate high power blockers, falling now out
of the circuit band. Vice-versa, and this is vado without filtering, the information desired
signal is not expected to saturate the architeciinés is the case tackled exploiting the AGC
functionality, considering also that the receiverfprmance can be degraded.

In this sense not a single maxSNDR is given, tovige base-band specifications, but
instead, at any frequency f, the ratio betweenntlagimum interferer that the filtering base-
band is able to handle and the noise added by&be-lband in the signal band of interest. The
non-linearity intermodulation products have of @ato be considered into this noise amount.
Since the SNDR depends on frequency, a SNDR prigfitdtained (SNDR(f)). Notice that this
is not actually a signal to noise and distortidioraut an interferer to noise and distortionaati

9
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The notation SNDR has been maintained providingpthesibility to extend a concept already
consolidated in literature. A simplified definitiaf the SNDR(f) profile is:

H(Aine(0)”

SNDR(f) = NTD

(2)

in which An(f) is the amplitude of the interferer that maximthe SNDR at the frequency f and
N and D are integrated in the desired signal bBuoe. to the intrinsic filtering an input-referred
definition is mandatory to correctly define the édmnd specifications.

The graphical representation of the SNDR(f) is giue Figure 6. Consider the plot at the
frequency f<<§, where § is the cut-off frequency of the filtering sectidrhe plane corresponds
in Figure to the letter A. Being f near-DC, thediing action has not effect and the SNDR plot
is the same as the one reported in Figure 5. Thedifference is that intermodulation non-
linearity is evaluated instead of the harmonic ohke SNDR(f<<f) is defined equal to
maxSNDR=Y. Move now at the plane correspondindnélétter B, in which f=fis considered.
For simplicity it has been assumed in the plottadiave atdany filtering effect and an in-band
equivalent behavior is still obtained (SNDR@=maxSNDR=Y). The third step is at an out-of-
band frequency (plane C, f>}f In this case the filtering is working and in sequence the
base-band full-scale reference is modified from B8Binto @ dBFS. Assuming that non
linearity products D starts to be comparable, wétspect to N, always at a fixed distance from
the full-scale, a maxSNDR;greater than Y is achieved, since the base-bandtste benefits
of the filtering (SNDR(f>>f)=maxSNDR=Y). The difference between;dnd Y is in this case
the amount of filtering (equal to the differenceviieen Qand 0 in dBFS). The resulting SNDR
profile is defined as the plot versus frequencythef maxSNDR and grows from the in-band
value as the inverse of the filter signal transfieiction (Figure 6.b).

A strong simplifying assumption has been done leefibiis not always true that the linearity
performance follows one-to-one the full-scale. Tikian optimistic situation in a real base-band
design and mainly is equivalent to the assumptibrhaving all the filtering before the
generation of the distortion. More frequently, gvéitering is realized after the distortion,
when an active stage is used at the base-band imppartly the filtering is performed before
the active stage and partly after. Furthermoréias to be considered that the full-scale can
change in frequency, following the signal trandterction of the filtering section, only if the
output node of the base-band is the one that lithissblock dynamic. Otherwise, the internal
nodes of the architecture limit the increase of $MDR(f) profile to a slope less than the
inverse of the filtering profile.

The dynamic range profile (DR(f)) is the frequenitgpendent extension of the DR defined
in the traditional case. It can be mathematicabiyamed from (2) if D is considered equal to
zero and A\(f) is substituted with the full-scale of the bdsmd (i.e. the maximum interferer
handled by the base-band) at different input fraqigs. The full-scale A(f) can be simply
evaluated injecting at the input a single tone equency f and increasing its power until the
level at which base-band clamping (or instabilitya modulator implementation) is reached.

10
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1.4 Filtering ADC versus wide-band ADC

The SNDR and DR profiles will be used in Chapte@nd 4 to get the specification of the
base-band for the proposed Filtering ADC applicatiprototypes and to provide the
corresponding measurement results. This sectiomsgsome brief insight into the comparison
between a Filtering ADC and a wide-band one in semmfh SNDR(f) with respect to an
application example. The standard chosen is theGAAS 4 one. It is satisfied by the integrated
Filtering-ADC based receiver presented in Chapter 3

The SNDR required by the ATSC is reported in Figuir§1lMHz to 7MHz channel
bandwidth). The in-band SNDR is equal to 72dB (lenxat shown in the Figure). This is due to
18dB of minimum SNR required by the standard (agsgrthat in this critical condition the
base-band dominates the noise), 10dB of peak tageeatio of the OFDM video signal and
44dB of adjacent channel power offset with respedhe desired signal. Since the interferer
profile grows in frequency the required SNDR is B&dt 11MHz, 84dB at 23MHz and 85dB at
29MHz.

A wide-band ADC is not able to follow this behaviém order to meet the specifications,
including also other 2dB of margin due to procgseads and corner worst cases, an impressive
ENOB of 14.2bits would have to be implemented dherentire range of frequencies. This is a
challenging number considering that it has to b&iokd over a pretty-wide bandwidth of
6MHz under power consumption demanding constraints.

A Filtering ADC benefits instead of the embeddel@aérity. In the Figure the simplest case
of a second order signal transfer function withOdMMHz cut-off frequencydis shown. For the
given profile the most critical point is one adjacehannel (11MHz edge). Only 76.8dB are
now required in the signal band of interest, stllisfying all the out-of-band requirements. The
specification is about 10dB far from the wide-bamgplementation one, saving almost 1.8bits
(12.4ENOB satisfies the specification). The repbriftering profile is probably too much
optimistic in comparison to a base-band real imgletation. This is true both for the
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40dB/decade slope and for the extremely narrow-lsahdtion. In any case a big difference can
be appreciated and the Filtering ADC is clearlynseefit better base-band performance with
specifications than a wide-band one.

12
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Chapter 2

The Filtering ADC

In this chapter the Filtering ADC architecture is
presented (2.1). Using a straightforward continuous time
model the Filtering ADC benefits are analyzed in detail
and are compared with the state of the art of wireless
receiver analog base-bands (2.2). The wide-band section
of the ADC is then addresses (2.3). Finally, a Filtering
ADC evolution (E-Filtering ADC) is described (2.4) and
a comparison between the two proposed base-bands is
shown (2.5).

2.1 The Filtering ADC architecture

The Filtering ADC proposed in this chapter is imted to implement the complete analog
base-band of a wireless receiver. Two main elembatge to be addressed by its circuit
architecture to accomplish this goal.

First, the analog RF front-ends (Low Noise Amplifend mixer in cascade), proposed in
recent literature, mainly down-convert at base-bsigaals in the current domain. This is the
case of the solutions implemented with a Low Ndsaplifier followed by a Gilbert active
mixer [14], which has been the mainstay architectfrintegrated receivers until about 100nm
of transistor channel length. This is more recetitly case of a Low Noise Transconductor
followed by a passive current mixer, which représéme state of the art design structure [3,15].
The choice to realize voltage to current converqigfl) at the RF interface applies for a
corresponding current to voltage conversion (I/¥)be operated in the base-band section,
because the input sampling of an ADC is traditignaperated in voltage mode. For this reason
the Filtering ADC has to implement a transimpedagai, being able to handle at its input a
spectrum composed of current tones, and has to kvawmput impedance to the front-end.

Second, as already pointed out in Chapter 1, arragly demanding signal to noise and
distortion ratio (or dynamic range) profile is régd at the Filtering ADC. Remember that the
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Fig. 1 The Filtering ADC based complete analog badgand. Single ended for simplicity

handling of high power blockers, together with & looise floor, and low distortion is the
challenge of any base-band, especially in a lowgya@mvironment.

The proposed Filtering ADC architecture, which bagn found to well face the previous
issues (transimpedance gain and high SNDR poteptjas shown in Figure 1 [16]. The block
combines in the same feedback loop interfererrifiigeand signal digitization, thus embedding
in a single architecture the functionality of atdfil and of an ADC converter. The design
structure derives from a current driven biquad, éelwhich the main feedback resistancg)(R
is replaced by the cascade of an ADC and of a cubAC.

The input signal is the current down-converted ley mixer (4), while the output signal is
the output code of the filtering ADC. This codensturn proportional to the current absorbed
by the DAC (bac), through a transimpedance-like gain. It is cruatathis point to distinguish
between the internal ADC block (ADC in Figure 19rfr the Filtering ADC itself. The first one
acts as a quantizer in the voltage domain, progidire output bits, at a given clock frequency,
as the digital/thermometric conversion of,Vand introducing the quantization noise of the
system. The second one refers to the complete baawk-circuit (Figure 1), and comprises the
filter (operational amplifier, resistances, R, and capacitances, @d G), the internal ADC
and the DAC.

The output node of the operational amplifier is lih@ting point, considering the dynamic
voltage swing, and is controlled by the transimpegaoverall gain of the block. At the same
time the swing at the input voltage node has totetoo high not to deteriorate the DAC
functionality, and is regulated by the input impeck of the Filtering ADC. A low pass transfer
function is the link between the nodgMand the input node. The gray section in Figure thé
digital section of the block. No assumptions areegiat this level of analysis over the ADC and
DAC implementations.

Notice that the structure of the presented Filte®DC is not different, from the point of
view of the topology, from that of a continuous ¢irSigma-Delta ADC converter. This proves
how this category of oversampled ADCs, with intiinfitering and anti-alias, can be naturally
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Fig. 2 The Filtering ADC continuous time equivalentmodel

used and is competitive, if updated with only ditthodifications, in the wireless receiver low-
power environment.

The high SNDR profile required to place the ADCedity at the mixer output is obtained
exploiting three intrinsic properties of the circutirst, the grounded capacitance icreases
the ADC tolerance to out-of-band interferers, abswy the largest part of the blockers down-
converted at base-band by the mixer. Second, bwlog and quantization noise benefit from
an in-band noise shaping effect that is not presemt cascaded filter-ADC design. Third, a
couple of complex conjugate poles can be syntheédixethe DAC feedback loop, obtaining
both a second order filtering profile, with conteal in-band flatness, and a direct digital output.
In the next sections these elements will be adddess detail, showing that the Filtering ADC
can be considered a further step, with respedhg¢dbaise-band solutions recently proposed in
literature, in the direction of satisfying the re@g’s need to handle critical interferer standard
profiles.

A. Continuous time model and signal transfer function

To evaluate the Filtering ADC transfer functionise tADC-DAC cascade is considered at
this level of analysis to operate in the continutio®e domain. Moreover, both the internal
ADC and the DAC are assumed sufficiently wide-bantlto affect the signal transfer function
in a significant way. Under these conditions, tbatmuous time Filtering ADC model reported
in Figure 2 is obtained. The internal ADC is comesatl ideal, however remembering to take
into account its quantization noise. The DAC is mled with a transconductor, whose
transconductance gt is the ratio between the full-scale current of B#C and the full-scale
reference voltage of the ADC. In this sense, totigetsame signal transfer function (STF) with
respect to the original current driven biquad, ¥a&le of gmac is equivalent to the inverse
value of R,.

The Laplace domain signal transfer function is@gd order low pass biquad:

R
1+ngACR2+S(C1R1+C2R2)+52C1R1C2R2 )

H(s) =

(1)

The in-band transimpedance gain G, cut-off frequépnand quality factor Q are given by:
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R
G=—""—o (2)
1+gmpacRz
_ 1 |il+gmpacR;
fo = 2m \’ C1R;C,R, )
_ C1R1C3R;
Q = 2mfy C1R{+C3R;’ (4)

Notice that if gmaacR>>1 (2) can be simplified to 1/gyxz and so, for a given full-scale
reference voltage of the internal ADC, G can beradled acting on the full-scale DAC current.
The 1 weight, with respect to the gkpR, product, represents the quantity of current that is
absorbed in-band by the forward path, with respec¢he feedback one. In the same case the
cut-off frequency §approaches 1/¢2-V(gmpac/(R:C:Cy)), depending on the time constant of
both the input passive;&; filter and of the feedback of the integrataiCR multiplied by the
in-band loop gain of the system gkpR,. The Q is given by the relative time constantsiesl
If the equivalent quality factors of the capaciwan® Qc1=2nf,R;C, and of the capacitance, C
Qc= 2nfyR,C, are evaluated, it follows that Qz{@cy (Qc1+Qc2).

Looking at Figure 2 the input impedance of thedfillg ADC can be also obtained

R1(1+SC2R2)
1+ngACR2+S(C1R1+C2R2)+SZC1R1C2R2

Zin(s) = %)

It shows a low pass behavior, with a zero giverihgytime constant &, and the two poles of
the signal transfer function.

To understand from an intuitive point of view thenétionality of the Filtering ADC, three
main elements can be highlighted from the cirauitigure 2. First, the capacitancg @hich is
connected from the input node to ground. Secorelyélistance Rwhich is connected from
the input node to the virtual ground of the opersi amplifier. Third, the low pass active-RC
filter closed in a loop by the feedback DAC. Ttattdér element is able to drain a current, which
is low-pass filtered, in response to a voltage inmde variation. In this sense it implements a
gyrator, showing from the input node to ground guiealent inductance. Actually the finite in-
band gain of the filter does not synthesize a pimductance, but a lossy one
(inductance/resistance in series). At low frequetieyt/(2tR,C,)) in fact the relation between
the input node voltage and the DAC current is symptoportional and not frequency
dependent. The elements described so far diregdlg to the equivalent RLC network of the
Filtering ADC, which is shown in Figure 3. The iradance L is equal to R,/gnpac While its
series resistance is equal tg(BmpacRz). The quality factor of the L element is €)2xfoL/R=
2nfoC,R,=Qc.and can be controlled by theR; time constant sizing, for a giveg f

The RLC network Filtering ADC model is an immediat®l to evaluate the transfer
functions from the input current to the currentflog into the DAC (inductive path), into the
input capacitance @nd into the operational amplifiepk/lin, Ici/lin and bpamdlin in Figure 3).
The first of these transfer function (i.e. proviglithe current flowing into the feedback) gives
also the signal transfer function of the FilteridDC, if reported in the voltage domain by a
1/gmpac transimpedance multiplication.
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Fig. 3 The RLC Filtering ADC equivalent network

Freq.

At very low frequency the input impedance is theaplal of the resistances R and. Bince
R is much lower than Rn a usual desigh (R5RgnpbacRy)), the in-band current is handled by
the DAC. Vice-versa the current in the operatiomahplifier is reduced by the factor
(1+gmpacRy). At high frequency, the effect of the DAC is nigdile, and all the input current is
absorbed by the input capacitancg Which represents the input impedance of the techire
much above The grounded capacitance €éhsures a low impedance path at high frequency,
thus absorbing with a first order filtering the inblockers. The main consequence of this is
that the active elements (DAC and operational dmaplihave to handle out-of-band interferers
that are reduced than the input ones. The DAC sumgperiences a second order filtering,
being the converter connected to the output nobe.dperational amplifier current undergoes a
first order filtering. The advantage of the struetuelies on the fact that the input filtering due
to G is realized in a passive way, so without powerscomption penalties. In this sense the
proposed structure differs from existing FilteriddC solutions where an active device
(typically the first operational amplifier) has &bsorb all the input down-converted current,
thus representing the most power hungry elemenbattténeck of the design [17].

C, may result in a big capacitance. This can affée tircuit area, but this issue is
counterbalanced by the beneficial effect that tve impedance of Chas also on the operation
of the preceding mixer. Very high frequency blockar fact see the equivalent of a virtual
ground at base-band. This is not always true im#agrator-first design when the operational
amplifier gain falls below 0dB (after the frequency of the operational amplifier), making th
base-band input impedance growing.

As will be explained in detail in Chapter 5, itnst correct to consider the RF front-end,
which drives the base-band, as a simple currergrgéor. Both if an active mixer or a passive
one is considered, its output impedance could easdmuch higher with respect to the input
base-band impedance to be neglected. It followisthigasignal transfer function of the Filtering
ADC is modified by a finite-value driving. The sihegt way to model the down-conversion
mixer is to put a resistance; i parallel to the current generator. The sigrahdfer function
(1) is, in consequence of this, modified as:
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R

H'(s) = (6)

1+§—;+ng1\ch+S<C1R1+C2R2(1+§_;)>+SZC1R1C2R2

from which it is possible to derive:

GI — RZ

=
1+Rs+ngACR2

(7)

Ry
1 1+R—S+ngAC R,

= 2T C1R1C2R2 (8)

C1R1C3R;
-
C;R;+C,R (1+—1)
11 202 RS

Q' = 2mfy’ 9)

There is an interesting aspect to observe from)(7FBe finite value of R affects both the
transimpedance gain of the Filtering ADC, its cfit-requency and its quality factor,
representing an issue in the controllability of #ignal transfer function if Ris not well
predictable or modeled at the design level.

Although the continuous time model is only an agprated model, it has been verified
that, in the band of interest, so at very low frexgy with respect to the clock frequency of the
internal ADC, almost the same results are providgda more correct discrete time model
[6,18]. Of course the Filtering ADC is not a conius time system. Any Sigma-Delta ADC
converter, even if with continuous time desigrma idiscrete time block [19]. The internal ADC
in fact introduces a sampling and a consequentalest¢ime operation. This issue is tackled in
detail in the Appendix I, providing the discreteé& equivalent theory of the Filtering ADC and
the discrete time models used for the design.lltbgi shown that the discrete time effects act to
modify the transfer functions of the converter there the frequency of interest is close to the
clock of the architecture.

B. Proposed Filtering ADC solution versus the state ofthe art of wireless
receiver base-bands

In recent works, the problem to be resilient tghhpower out-of-band interferers has been
solved at the base-band with the insertion of anpR€sive filter, followed by an additional
active RC transimpedance stage, directly at thpubudf the down-conversion mixer [3,15].
This of course implements a two-real-poles cascéle.Filtering ADC is able to synthesize a
couple of complex conjugated poles, thus providingadvantage in the comparison with the
previous solutions in terms of selectivity, for dtk in-band flatness. Such a more selective
profile is shown with quantitatively insight in kige 4. Here a second order Butterworth is
plotted together with two different two-real-polieansfer functions, obtained moving the poles
from the dominant pole solution to the coincidewoles one. The ATSC filtering mask is
reported also as a reference. The Butterworth isolus able to satisfy the requirements of
0.8dB maximum drooping in-band and 9dB attenuatito®.3 times the 7MHz signal bandwidth
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Fig. 5 The Filtering ADC continuous time model andts noise sources. Noise transfer
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corner. This characteristic of the filtering ADC kea this proposal an improving step, with
respect to the base-band analog architecturesthepeoposed, towards the improvement of the
immunity of a receiver chain to out-of-band blocker

2.2 The Filtering ADC noise

A high SNDR (or DR) profile base-band can be desigeither by increasing the maximum
signal that can be handled by the circuit or vieesa boosting the resolution lowering the noise
floor. The Filtering ADC topology presents alsofuseharacteristics from the point of view of
the noise, since the presence of a single feedlmmk closing both the filter and the ADC
provides a noise shaping effect to the quantizatmee and to the thermal noise of the internal
ADC. Besides, the main noise contributors of therfiitself benefit from an in-band shaping,
due to both the input current driving of the aretitire and the output current reading operated
by the DAC (bac, proportional to the output code, in Figure 1).

The continuous time model shown in Figure 2 candmsl also for the noise analysis, and is
reported in Figure 5. The main noise sources of atwhitecture are the resistor, Rhe
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operational amplifier, the feedback current DAC #mel ADC. While the DAC noise undergoes
a flat transfer function to the output, since jests its noise current directly at the input node
(as the input signal), all the other noise sousceshigh pass shaped, until the cut-off frequency
fo=wo/2r of the filter.

An in-band zero is introduced in the transfer fiord through two different mechanisms.
First, for the digital (quantization) noise and tawealog noise of the ADC, it is the direct
consequence of having inserted the ADC in a lodp wipreceding low-pass filter. Second, for
the R noise and the operational amplifier noise, it i® do the current working mode of the
structure, as observed also in the current filpecgposed in [20]. This second principle can be
intuitively view as follows. Assume to consider timeband behavior of the Filtering ADC, so
with C; and G as open circuits, and to evaluate the noise tearfishction of R (it is almost the
same effect also for the operational amplifier epighe noise current injected by Bannot
flow into the feedback high impedance path, becatime DAC operates as an ideal
transconductor, and is so forced to re-circulasidim R itself without affecting the output. At
high frequency, instead, the capacitangeitlints the input node to ground offering an eaihp
to the noise. The consequence is that noise istalbleach the output in a high pass fashion.
Another peculiar characteristic of this topologytlat noise, if dominated by the high pass
shaping contributions, could be reduced in thegrydalucing the input capacitance, @nd the
area (increasing /ot to modify the signal transfer function). Vieersa the input impedance
of the architecture would be increased, and thigtsalways acceptable, since at the input node
of the converter both the feedback DAC and the mirgcts their currents requiring a low
output swing (noise/input impedance trade off).

The noise transfer function of the ADC and the dzation noise transfer function will be
analyzed later in section 2.2.A and 2.3. The ntvesesfer functions of Rand of the operational
amplifier are reported in Figure 4. Notice the hggss shape, which is valid below the cut-off
frequency § of the Filtering ADC. Notice also that a finiteAddrequency floor is present for the
operational amplifier, due to the presence ef R this plateau, however, noise is already
compressed by the loop gain gigR,.

As stated before, the high pass shaping is duget@tshunting to ground of the input node.
If a finite driving impedance &is considered, it affects the noise transfer fioncintroducing
an in-band floor which grows the morg R low (it acts at the same mode a®Qt of course
without differences in frequency). This behaviorigharacteristic of the current nature of the
topology too.

The DAC noise transfer function, in a Filtering AD€ equal to the signal transfer function.
Nonetheless it is not straightforward to estimaeDAC noise source. The DAC in fact is not a
continuous time block, but works in the discreteeidomain. It is possible to demonstrate that
its noise is proportional to the equivalent DACnBeonductance ginc, and to the ratio
between the maximum analog output of the Filte®iC (Vour) and the overdrive of a unit
DAC cell (Vov). A detailed description will be reported when tblass-B DAC will be
discussed in section 2.4.E.

R, noise is also present. It is almost reduced byabmr R/R,, with respect to the Roise,
and can be considered negligible in a typical RiitggADC sizing.
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Fig. 6 Filtering ADC noise transfer functions (simpified OA expression)

Quantitatively, the high pass shaped contributetsich decide the Filtering ADC noise
performance, give origin to a noise-selectivitydgaff in the design. For a given channel
bandwidth §, a higher cut-off frequency, feduces the in-band noise, since the high pass
behavior scales with,fbut at the same time the out-of-band blockemati&on is diminished.
Such a noise selectivity trade-off is also pecudathe current mode filter topologies proposed
in [20].

Figure 6 regroups the noise transfer function$effiltering ADC that have been addressed
so far, taking into account the effect of the fnitriving impedance K All the equations have
been simplified neglecting the low-pass effecttaf Filtering ADC poles, and so are accurate
the more § is far from the signal bandwidtly bf interest (the band in which noise has to be
integrated). A factor 0.8 okffy is required to get an accuracy of less than 0.5dBé noise
evaluation, in comparison with simulation, of eammtributor. The k symbol used in the
equations is the Boltzmann constant while T isab®olute temperature.

A. Proposed Filtering ADC noise versus the Rauch filtesolution

In terms of noise it is difficult to make a comsam between the Filtering ADC solution and
the two-real-poles cascade architecture implemeintatie state of the art receivers [3, 15].
These structures have different signal transfectfans than the Filtering ADC, and their
dynamic range profile, as defined in Chapter Boisaffected by the noise in a different way. A
fairer and more general comparison has been eealuagtween the Filtering ADC and an
equivalent base-band architecture composed bytea-ADC cascade and shown in Figure 7.
The converter is the same as the internal oneeoFilltering ADC. The filter is realized with the
current driven biquad cell from which the FilteridDC has taken origin (resistance,,R
instead of the feedback DAC, connected to the dipeia amplifier output). The two solutions
have been analyzed considering the same signasférafunction, the same operational
amplifier and the same impedance levels for therfil

First, while the resistanceyRs bilateral, the feedback DAC is unilateral (gettes a current
in consequence of the output code). The bilatersistance transfers to the output the voltage
noise of the input node with a unitary gain, thimiting the in-band noise shaping of the
architecture with a 0dB low frequency floor in theise transfer functions of both the &d
the operational amplifier source. This does notuoceith the DAC, and it is possible to
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Fig. 7 The base-band filter-ADC cascade used for ¢hnoise comparison

demonstrate that the advantage depends on thgcBmfactor, increasing the moresRs
higher.

Second, due to the different loop, the internal A@@antization and analog noise transfer
function, in the Filtering ADC, corresponds to tb#owing high-pass:

(1+&+5C1R1)(1+SC2R2)
’ Rs
F'(s) =

(10)
1+%+ngACR2 +S(C1R1+C2R2(1+§—;)>+52C1R1C2R2

while a flat transfer function with gain equal tdBis obtained for the ADC of the cascaded
base-band (assuming an ADC gain of one). Thisvisyd true, for the ADC analog noise. For
the quantization noise, the overall transfer furctilepends also on the actual implementation
of the converter, but (10) still represent the freocy dependent transfer function ratio between
the Filtering ADC and the filter-ADC cascade penfiance. F'(s) provides a first order shaping
since one zero (R,) is placed near theg bf the two poles. The in-band plateau depend$ien t
gmpoacR2 product. As expected the choice of the cut-offgfiency of the Filtering ADC
determines the quantitative advantage of suchuigolin the comparison, since also the ADC
gquantization and analog noise sources rely on tisefselectivity trade-off of the Filtering
ADC.

A fair comparison has to take into account also hawch noise is introduced by the DAC,
with respect to the feedback resistange /Rgain this will be discussed in section 2.4.Ee& ¥
it is possible to demonstrate that a simple rastgtas in general less noisy than a DAC, two
aspects have to be taken into account. On one thendoise of the DAC is not one of the
dominant Filtering ADC noise contributions. On thiner hand it is possible to implement a
DAC low-noise solution, as the class-B DAC propolseelr.

2.3 The Filtering ADC wide-band section

The internal ADC of the Filtering ADC has been adased for the continuous time model
as an ideal connection. Of course this is a stEinplifying assumption. The discrete time
behavior of the internal ADC, which makes the ollefdtering ADC a discrete time circuit
more than a continuous time one, will be tackledppendix I. The dynamic effect of the block
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Fig. 8 Substitution of the internal ADC with a wideband second order Sigma-Delta
converter in multi-feedback compensation topology

is instead addressed in this section, providing itstmore straightforward implementation and
its effects on the signal transfer function andttoe quantization noise transfer function of the
entire converter. This latter element mostly githesinternal ADC design guidelines.

The internal ADC could be in theory a simple queettj realized as a Full-Flash ADC. The
main limitation of this solution is that only adtrorder noise shaping is obtained (see (10)), thus
strongly reducing the high dynamic range potertyiadf the implemented base-band. As in a
traditional continuous time Sigma-Delta convertecreasing the number of bits of the internal
ADC would increase also the global converter quation noise performance. This can be done
increasing the number of levels of the quantizeul{jAbit solution), increasing the ADC clock
frequency, to exploit oversampling, or designing thternal ADC, in turn, as a Sigma-Delta
converter with a noise shaping able to increase dherall order. A trade-off between
complexity, loop stability issues and performanetednines the final choice of the internal
ADC. It has also to be considered that the muttidailution is almost mandatory to get the
equivalent number of bits (ENOB) required in theelss base-band applications (Chapter 1),
and that often the clock frequency is decided atstrstem level of the receiver more than at the
base-band design one.

The actual topology of the Filtering ADC is compi@tdesigning the ADC block with a
second order wide-band Sigma-Delta converter, aasin Figure 8. A resistance (&) has
been also placed in feedback between the outptheotecond operational amplifier and the
input of the first one in order to create a nottltha corner of the signal band of interest. This
does not have effect on the signal transfer functiwt increases the in-band quantization noise
compression. Notice that the overall Filtering ABfpology seems close to the ADC proposed
in [21]. However a different signal transfer furctiis implemented; narrow-band, for the
proposed solution, and wide-band for the lattee (BaC, pole in [21] filters out the high
frequency DAC current pulses, while its effect ancelled by a zero in the signal transfer
function).

Defining the input resistances of the first andh@d second stage of the wide-band section
Rg> and Ry, respectively, the corresponding feedback capads G, and Gs, and modeling
the DACs as continuous time gra, and gmaacs, the following cut-off frequency and quality
factor can be obtained:
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proposed in section 2.2.A
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The poles of the wide-band section are placedaeiffily far from the Filtering ADC cut-off
frequency not to modify the signal transfer functiddoreover they introduce a wide-band
biquad that helps avoiding residual aliasing effe€he gain 1/(gBxc2Rs2) is generally chosen
equal to one both to optimize the voltage swinghabutput of the three operational amplifiers
and not to move the low pass profile of the origifitering ADC biquad. The main effect of
the new section is that it acts strongly in themjzation noise shaping. Two zeros are in fact
added at the F'(s) ((10)) quantization noise trangfinction by the two new stages, and they are
positioned at DC or at an in-band fixed frequenepeahding on the tuning of the notch. The
overall quantization noise transfer function (QNTRat can be obtained using the proposed
Filtering ADC is reported in Figure 9 (solid curvé) the graph it is possible to recognize both
the notch (placed at a frequency of €).7the high pass effect due to F'(s), which acts
compressing noise below the notch frequency, amgdates of the wide-band section (when the
transfer function flattens to 0dB at high frequendhey determine also the stability issues of
the Filtering converter (Appendix I).

The global Filtering ADC topology, in conclusiomgraobines a narrow-band first stage (the
original current biquad of the continuous time mpaéth a wide-band low pass section (the
Sigma-Delta in multi-feedback configuration). Thiestf section operates the frequency channel
selectivity, while the second one shapes quantizatoise.

The quantization noise performance of the FilterDC is now compared with the
equivalent behavior of a filter-ADC cascade (Figdje when the ADC is implemented in an
equal wide-band section fashion. The improvememedds on the choice of thgfg ratio,
where £ still defines the signal band of interest, and s@xamples are reported in the right
side of the Figure. For a typical sizing the gammore than one ENOB (integration bandwidth
fgfrom O to 0.8§).
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Fig. 10 Quantization noise transfer function analyis in the absence of the notch. Filtering
ADC vs. filter-ADC cascaded solution in terms of dgamic range

The wide-band section can be implemented also wittiee notch in the quantization noise
transfer function. This is reported in Figure 18pwing both the first order noise shaping of
F'(s), the second order one of the filter-ADC cakrand the Filtering ADC noise transfer
function. Still the advantage of the last solutismot negligible.

The quantization noise transfer function can beewustdod probably in a more simple
fashion than the one with the notch. In band tbpesis 60dB/decade, since all the stages (both
narrow and wide-band) contribute to the noise casgion. Abovegsfand below §g the slope is
40dB/decade accounting for the shaping effect ef sacond order wide-band Sigma-Delta
quantizer. Far below,f even if not visible in the graph, the transfendtion has also a
40dB/decade slope, due to the finite value of thggR, gain. Figure 10 reports also the
dynamic range performance difference between ther-ADC cascaded solution and the
Filtering ADC. Again the advantage depends on theice of the {§/fg ratio. The slight
degradation of the integrated noise when the fiftendwidth is made to coincide with the
channel bandwidth is due to the chosen filter Qn&geaking can be in fact observed in the
F'(s) near the frequency.f

Notice that if the first stage were substitutedwvan active-RC integrator (as those used in
the second and third stage), the multi-feedbackpemsation topology of a traditional third
order continuous time wide-band Sigma-Delta comventould be obtained. The consequence
would be of course losing the low frequency seldgtiproperties of the architecture. This
could represent another possible way to explairthiering ADC genesis. First, design a wide-
band traditional Sigma-Delta using the existinglitianal design and synthesis tools. Second,
substitute the first stage with the filtering onetbe introduction of the resistancesd®d R, of
the big input capacitance;Cand by resizing the feedback capacitance of fherational
amplifier. This procedure was followed in the despgyesented in Chapter 3 for DVB-T/ATSC
applications.

It is straightforward that the narrow-band Filtgrimntroduction is paid in terms of a
reduction of quantization noise shaping. In thisteat the Filtering ADC operates in between a
second order Sigma-Delta (Figure 10) and a thidttioone. The amount of noise compression
of a third order architecture, with respect to théiering ADC, and with the same high-
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frequency performance (i.e. placing the poles efwide-band section at the same frequencies
in both cases, so providing equal stability marginthe modulators) is less than 1ENOB, in the
presence of the notch.

2.4 A Filtering ADC evolution proposal (The E-Filtering ADC)

The Filtering ADC described so far plays the raleimplement the entire base-band of a
current mode receiver for wireless applicationsiedv version of the Filtering ADC is proposed
in this section. Even if the architecture is onligtgly modified with respect to the original
structure, the performance benefits are not ndddigin terms of SNDR and dynamic range
improvement. Only the filtering stage is modifiegith the constraint to maintain the same
signal transfer function, while the wide-band s&ttiand together the high-frequency behaviors
of the complete modulator (i.e. stability), remagual.

A. Filtering ADC evolution benefits and architecture

The major guidelines, in the design of a wirelesseiver base-band, are the reduction of
power consumption, the reduction of noise floor #melincreasing of linearity. In this context
the Filtering ADC evolution reported in this sectis able to extend the Filtering ADC range of
application to much more challenging wireless stesaand standards than those covered by
the Filtering ADC original implementation.

To extend the dynamic range, the evolution architecis able to combine the Filtering
ADC properties with three key novel elements. Taeybriefly addressed now, but they will be
tackled in a more detailed fashion in the followigbsections. First, especially when the RF
interface is provided using a passive mixer (seap@hr 5), the sensitivity of the base-band
transfer functions to the driving RF front-end a@lént impedance @R is reduced. Second,
class-B DAC architecture is introduced in orderfaoe the DAC noise Filtering ADC issue
stated in section 2.2.A (i.e. the fact that a classaditional DAC is noisier than a simple
feedback resistance). Third, a variability of thaing embedded in the filtering converter
structure, is introduced to increase the robustoEte base-band in the presence of high power
blockers (and signal power more than the sensitosie). According to these elements, the new
Filtering ADC solution embeds in a single blockeirierers filtering, signal digitization, and
variable gain amplifier operation.

The proposed E-Filtering ADC (Evolution) basic aretture is shown in Figure 11 [22].
The finite driving impedance s directly considered and the continuous time ehad the
internal ADC (named quantizer in the Figure) and@Aascade is also depicted. Again |
represents the down-converted input current confmogn the RF front-end. The only
topological difference comparing the E-Filteringdatme Filtering ADC is represented by the
presence of the resistancg Blaced in feedback at the Filtering ADC operaicamplifier and
missing in the evolution circuit. In this sense & iltering ADC takes origin from a current
driven Rauch filter [23] bigquad in which the feedkaesistance has been replaced with the
internal ADC-DAC cascade. Due to the absence ofrésistance R the E-Filtering ADC
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Fig. 11 Proposed Evolution-Filtering ADC (Single eded for simplicity) architecture

solution will be addressed in the following also tag not-damped architecture, while the
Filtering ADC as the damped one.

As expected the E-Filtering ADC sizing is diffetefin area penalty is paid in general in the
implementation of the capacitance, @hich is bigger than in the damped counterpart ttie
same signal transfer function.

B. Continuous time model

The continuous time model, except for the dampilegnent, reveals nothing different if
compared to the Filtering ADC case. Thepgmvalue still provides the in-band E-Filtering
ADC input current full-scale (known the full-scad®C reference voltage). This is truer in the
evolution than in the previous architecture. Thasam is that, contrary to the damped solution,
in which the finite gain ggpcR, made a portion of current equal to a factor 1/(tg:@R,) of
lin to flow in-band into the feed-forward low-passdil in the not-damped architecture very low
current is absorbed by the integrator near DC thadvhole }, is handled by the DAC.

The signal transfer function of the architectuma be obtained from the equations (1-4) and
(6-9) (considering or not & by simply evaluating the limit for Rmoving to infinite. The
following expression gives the signal transfer fiom

1

HII(S) —

(12)

ngAc+SC2(1+§—;)+SZC1R1C2

from which it is possible to derive:

GH — 1

gmpAc

(13)

(confirming the previous statement about the curfelhscale level as provided by the DAC

current only), and
n_ 1 |8MbpAc
fo" = zm’clRlcz (14)
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Fig. 12 The RLC E-Filtering ADC equivalent network
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R
(1+Rs)

With the same procedure the quantization noisestearfunction (for the first order shaping
only, without considering the wide-band sectiomlso evaluated:

Q” = ZT[fO

(15)

R
(1+R—;+SC1R1)SC2

F”(S) —

(16)

ngAc+SC2<1+§—;)+SZC1R1C2'

A first difference in the comparison with the dam@echitecture is observed from (13), (14)
and (15). Both the gain and the cut-off frequenow oes not depend any more on the finite
driving impedance R and so the overall signal transfer function isslé&¥-sensitive in the
implementation. This is not the case of the qudéittor. The main reason for these behaviors is
again the infinite DC gain of the feed-forward aetRC path, and will be better defined dealing
with the RLC model and input impedance of the néwud. There is not any big difference,
instead, about the quantization and the analognat&DC noise shaping issue. Even if a zero
is placed in the not-damped solution at DC, andanet finite frequency § as for the damped
one, the integrated noise amount is decided bydise contribution near the corner gfrhore
than by the low frequency contributions. The mainsequence of this is that, beirgabout
one decade less thanif a practical design, the two solutions have egadormance (i.e. the
difference is negligible).

C. RLC model and input impedance

The RLC model of the E-Filtering ADC can be obtainmoving R to infinite in the
Filtering ADC equivalent RLC network (Figure 3).8model is reported in Figure 12, together
with the current transfer functions from the inputrent into the three paths (i.e. into the DAC,
into the operational amplifier and intqQ)CA finite resistance has also been included.

The equivalent RLC network becomes a pure shurmdneggig RLC, in which no more
intrinsic losses are present for the inductance main consequence of this is that a different
input impedance is displayed than in the dampedtisol. While out-of-band (above)fthe
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capacitance Cdecides in both cases the input impedance, thsame behavior of the E-
Filtering ADC is dominated by the presence of tiguictance, which is able to guarantee a very
low near-DC input impedance level. Compared with damped solution, this is the reason of
the reduced sensitivity of the parameters of tiqedndl to R. In such a context, the results of the
previous section can be intuitively seen from the&CRhetwork. The presence of a finitg R
fact, cannot modify either the in-band gain (cutriéowing into the DAC path) or the cut-off-
frequency (LC shunt), but only the overall qualfgctor. This characteristic is especially
important for a complex quadrature receiver (I @hdath), if the base-band is driven through a
current-driven passive mixer interface (ChapterCancerning the current transfer functions of
the architecture, one element only differs from daenped Filtering ADC. The current into the
operational amplifier is reduced near DC, but isager near the corner and at high frequency,
because the RR+R;) partition of the damped solution (see FigureiShot verified any more.
This has the effect to increase the linearity neuents of the operational amplifier.

The input impedance mathematical evaluation ist{stafrom (5)):

SC2R1
ngAC+SC2+52C1R1C2

ZiN"(s) = (17)

D. Analog and quantization noise

The analog and digital noise properties of the IEefing ADC do not differ from the
Filtering ADC ones. The new architecture still eifd noise shaping for both the internal ADC
and the filtering stage noise sources (i.e. thaatjmmal amplifier and B and maintains not
changed the DAC noise transfer function, if thevewster is operated in a traditional class-A
mode. Nonetheless, the not-damped solution istatdehieve better noise performance than the
damped counterpart, and the main difference raeshe sizing of the resistance. Rt is
possible to demonstrate that for a given cut-affrency §, the same ¢ and the same in-band
gain (i.e. the same g, being gmacR>>>1 in the damped solution), the request of a same
quality factor too requires;Rn the damped solution to be higher tharrRthe not-damped one
(for the capacitance ,(t is the opposite, determining the area penaftyhe not-damped
solution mentioned above). In the following lindse " notation is used for the not-damped
architecture. An equal £=C, R, product is in fact required by thgdonstraint. The quality
factor of the two solutions can be approximatedjlecting R, to 2tf,C,R, for the original
Filtering ADC, being GR;>>C,R, (vice-versa the not-damped solution would be still
implemented), andi2,C, R, for the E-Filtering ADC. It follows that {R, =C,R,<<C,R; and
so R'<<R; is obtained (and then,&G>C,).

In this way, the noise of the second architecisitess than the noise of the previous, being
the R noise source reduced (noise at the output is ptiopal to R). This is significant,
especially considering that; Rs in general a big source of noise in a desigma@er 3 and
Chapter 4).

As a less important, but however not completelyligdae effect, E-Filtering ADC overall
noise performance benefits directly of the absasfcine resistance RR, noise is no longer
contributed.
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Fig. 13 E-Filtering ADC noise transfer functions (gnplified OA expression)

Moving R, to infinite the noise transfer functions of theé=Eering ADC can be evaluated
starting from the formulas reported in Figure 6eTasults are shown in Figure 13.

Notice that the RLC equivalent network (both damped not-damped) is a nice tool to
evaluate the signal transfer functions of the Riltgg ADC (E-Filtering) architecture, and its
input impedance. However it is not possible to iider the noise analysis, since the ground
connection of Rin the model does not respect the effective virgmaund connection of the
circuit.

E. Class-B DAC introduction

The design of an extremely high SNDR and DR basetbaquires an accurate work of
reduction of all the possible noise sources, baimidant but also non-dominant ones, to
achieve the best possible noise figure performanttee block is used in a complete receiver
chain (or the lowest absolute noise value if tleeblis assumed as a stand-alone one).

In the Filtering ADC case, the DAC noise can besiered a non dominant source of noise,
since in a typical design the requirement of lopunimpedance (big {£ makes the resistance
R; the first noise contributor, while the low poweguirement makes the operational amplifier
the second contributor. In section 2.2.A the fdwttthe main feedback DAC path could
introduce more noise than a simple resistancleilXAC worked in class-A, was introduced. In
this subsection how to minimize the DAC noise wadlow the resistive limit (took as a
comparison) is shown. Of course the proposal obw DAC topology applies to both the
damped or not-damped solution. Since it is showh e not-damped solution has much better
overall dynamic range performance, the class-B D&Cnow presented as a peculiar
characteristic of the E-Filtering ADC only.

In a traditional class-A DAC approach, the DAC moidepends on the DAC full-scale
current, which is in turn given by the level of timerferers that have to be handled, as input
scenario, by the base-band. This situation is nmdified even in the absence of the blockers
(e.g. sensitivity test), when the amount of thé-$ahle current is used only in a very limited
percentage, to handle the input signals. The &aB#C manages in breaking the dependence
of the injected noise on the full-scale currenthi@ no-interferer condition.

The first step considers the noise injected leyfdedback resistance,Rt the input of the
Rauch filter. A current noise spectral density gipendent on the signal amplitude, of value
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(a) (b)
Fig. 14 Classical DAC architecture, class-A

) __4KkT
lhoise,Rfb = R_fb (18)

is inserted. A DAC, replacing the feedback pathstes injects in the simplest non-return to
zero implementation rectangular pulses of curreabaling to the control word of the quantizer
(internal ADC). If a current steering DAC implematibn is provided, each cell injects a noise
of value:

. v 4KT (. V
inoisecenl = 4KT8Mpac (ZY VLOSVB) =R (ZY%) (19)

in whichVoy is the overdrive of the transistor (PMOS or NMQt implements the current
generator, while Vg is the voltage that at the internal ADC outputresponds to a Least
Significant Bit (LSB). The equivalence can be oh¢al under the assumption to have the same
signal transfer function for the Rauch implemewotatiand the E-Filtering ADC one (i.e.
gmoac=1/Ry). If a 4bit DAC is considered, and assuming typicalues of \by, the ratio
iznoise,Rm{iZnoise,ce”is expected to be between 4dB and 10dB. The corseguof this is that the
noise of the DAC can be smaller or larger than diaR,, depending on the number of cells
which are in on-state each instant of time, theeewmntributing noise. The crucial point is if the
noise of the DAC has a dependence or not on thmubabde, and if it is possible to minimize it
when large blockers are not present during theptemre (so at sensitivity). In the following, the
two DAC topologies shown in Figure 14.a and 15.lhilvé compared. For simplicity a 6 level
thermometric architecture has been chosen. In ¢adbs the seven possible outputs go from +I
(single ended) to —I with a minimum step of I/3.

The DAC of Figure 14.a, depicted in a fully diffatial implementation, works in class-A
[24]. Each output signal is the difference betwé®n fixed current drained from the positive
voltage supply (i.e. I, equal to the DAC current ficale) and that of the 6 current generators,
injected into the negative voltage supply. Thegeert sources can be switched to the positive
or to the negative output according to the thermdmeontrol word (ranging from 000000 to
111111). Each DAC cell is driven by one thermongdhbit.

When the DAC input code ig.aa=111111, the positive full-scale output current, (Hl is
obtained at the DAC output (Figure 14.b). Whendadtthe DAC input code i$.aa=000000,
the negative full-scale output current (-1, +I) psovided. The sensitivity condition can be
considered the case in which the DAC input cod®.isas=000111, and a zero output current is
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Fig. 16 Driving logic of the class-B architectureFrom ay...as to by...bs

provided (0, 0) (Figure 14.c). The very weak baseebinput signal in fact (with its added
noise) drives for a large percentage of time orig tniddle code. In the class-A DAC
implementation, the noise of all the current sosireells) is injected at the output not
depending on the DAC input code (even if theregpathdence in the positive/negative output
node noise distribution). As seen, at any timeradl current sources are connected to either the
positive or the negative output node.

The DAC of Figure 15.a, depicted in a fully diffatel implementation, works in class-B
[25]. It is a push-pull structure able to injectatysorb current without any fixed bias connected
directly from the voltage supply and the outpute foposed class-B architecture makes use of
a three way current switching cell [26], paying sopenalty in terms of a higher number of
switches and an additional driving logic step. Hegre the controls §..bs of each elementary
cell, can be obtained fromy.aas using a simple logic (Figure 16).

In the elementary cell four switches are used taldke current taken from the negative and
positive rail to the negative or positive outputdagor vice-versa). The two central switches,
that realize the connection to the fixed node Xjehthe aim to switch off the cell, from the
DAC functional point of view, but to maintain in @tate the current sources.

In this way each cell can be also put in a resditimm, and is not used to generate output
signal when a large output signal is not requifeat. I/3 signal level, only one cell operates in
on-state. The 21/3 signal is generated using tvils ceparallel, while only the full-scale current
signal makes use of all the three cells in on-stiture 15.b and Figure 15.c report the positive
full scale current (+l, -1) working condition anklet zero current level (0, 0), respectively. In this
latter case no cells are connected to the outpdtpa noise can be added.

Analyzing the noise dependence on the DAC codéhéncontext of the E-Filtering ADC
modulator, it is possible to observe that the DA@dduces its maximum noise when large
signals (or blockers) are present, and the entieelldack path is active. In this situation also
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Fig. 17 Simulated (Matlab) and calculated DAC noisé a continuous time Sigma-Delta
converter (E-Filtering ADC included) and Ry, noise into the equivalent Rauch biquad

noise requirements are expected to be less criti¢bken the input signal decreases, and less
feedback path current is used, a smaller numbeelts operates adding noise. The limit is the
sensitivity test-case, in which almost zero noige be injected by the DAC. This behavior is
quantitatively described by the following equatigmoviding the noise injected by a class-B
DAC, when used in the E-Filtering-ADC (but more dgeneral in a continuous time Sigma-
Delta), at each clock cycle:

. v
iAoise.Bpac = 4kTgmpac (ZY %) (20)

Vauant is the voltage at the input of the quantizer. dtihat if a DC signal is present at the
input of the modulator (20) gives also the Sigmdt®ems input noise. The noise in the
presence of a sinusoidal input tone has been dedluarough Matlab simulations for both a
class-A and a class-B DAC. In this case a 13 legalntizer has been chosen, and the noise,
normalized to that of the class-A solution, is f@dtin Figure 17 versus the input amplitude. For
comparison the figure reports also (20).

The class-B DAC solution has always an advantagmimparison to the class-A one. The
difference is about 14.5dB at low signal amplitade about 6dB at the full-scale input. For the
choice of the 13 levels code, it has been assuhwdtie LSB cell is never switched off, and
this gives the low signal noise plateau of the cR<DAC noise. For inputs larger than a few
LSBs, (20) overestimates the simulated noise ofctass-B DAC by an amount equal to the
peak to average ratio (PAR) of the input signalB@8d a sinusoidal tone). The useful
consequence is that the advantage of using a BI&AC in an E-Filtering ADC could be in
theory even bigger than the simulated, in the cdsaput signals with high PAR (like those
used for high spectral efficient modulators). Tast Icurve reported in Figure 17 is the noise of
the equivalent Rauch resistancg, Rvhen the ratioz,i,oise,th{iznoise,ce|| is chosen to be 6.5dB
(Vov=235mV, V sg=38mV).
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Fig. 18 Variable gain E-Filtering ADC architecture. The continuous time model is shown for
simplicity

F. Variable gain function

Some receiver standards are so critical to be bdnthlat neither the intrinsic filtering, and
noise shaping, of the Filtering ADC family, nor thee of a class-B DAC are still enough to get
sufficient SNDR and DR profile to match the speeifions. This is in particular true if also the
required receiver robustness to the fading antiécsignal PAR is taken into consideration. In
such a critical environment the dynamic range efERFiltering ADC based base-band can be
further increased implementing some variable gaipldier (VGA) control.

The E-Filtering ADC is able to embed in its struetsome VGA action too (this would be
more complicated in the damped structure). In $itisation the absolute value of noise is no
more the first concern, since larger signals themsisivity are expected at the input. However
the base-band transfer function is expected to bdifiad into the low-gain mode (increasing
the current full scale) without changingand Q, and providing to the front-end the sametinp
impedance as for the high-gain case. This in factraquired to ensure good linearity
performance for both the feedback DAC and the mixer

The simplest way to do this would be increasingogmand G of the same amount.
However the latter operation would increase algopdrasitic capacitance of €@ ground. This
element, together with the,@crease itself, can be critical in a low powesida, as will be
seen also for the operational amplifier explaime@hapter 4.

The variable gain is here implemented modifying ooy the feedback capacitance &hd
the full-scale current level (gxc), but also adding in the circuit the resistange & shown in
Figure 18. In high-gain modexRs put in parallel to K, to give the original Rvalue. When
low-gain is performed Ris switched to ground (the common DC mode in thly Wifferential
implementation). Two are the benefits of this &gt First, this changes the equivalent
bandwidth of the active-RC integrator without ireseng the input impedance of the block,
since the parallel of R and K is still seen at the input node (this would bestalso for the
simplest way described before). Second, this dilrespossibility to reduce the base-band gain
limiting the increase in the Gralue, with respect to the simplest approach, tduae current
partition at the integrator input.
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2.5 Filtering ADC versus E-Filtering ADC

Both the Filtering ADC and its evolution proposahe E-Filtering ADC, can well
implement the entire analog to digital base-bamtia® of a receiver. They have been presented
in this chapter like a first solution and its ew@n one, because in general the not damped
architecture can reach higher performance than ddwaped version. However, different
specifications could lead to use one or the otharitecture, to optimize the base-band design.

In the following, the main points of difference Wween the two circuits are reported and
briefly compared, to provide immediate guidelinesthe design.

- The topology of the E-Filtering ADC is obtainewrh the topology of the Filtering ADC
removing the resistance,fRom the operational amplifier feedback.

- In the original damped architecture the time tamsGR; is the dominant one, while;R,
falls not far from §. In the not-damped solutionR; is placed at DC while ®; approachesf
The loop gain gmucR> (finite and infinite value respectively) makes ttveo architectures
provide the same signal transfer function.

- The E-Filtering ADC, for the same signal trandigmction, is less sensitive to the driving
impedance R since only the quality factor of the convertepeleds on Rand neitherfnor the
in-band gain.

- The in-band input impedance of the E-Filtering@3 less than in the counterpart, due to
a pure inductance synthesized near-DC. This isthlsaeason of the aspects explained in the
previous point.

- The Filtering ADC occupies less area than thdutiom one. To get the same sizing, i€
the damped case is smaller thanirCthe not-damped one. Notice that in generak@xpected
to dominate the overall area, so the penalty cbalimited depending on the application.

- The E-Filtering ADC is less noisy than the coup&et. To get the same sizing R the
damped case is bigger than iR the not-damped one. Notice that in generalsRexpected to
dominate the overall noise, so the advantage dmiklgnificant.

- The current that flows into the operational afigdiis bigger in the E-Filtering ADC
because of the smaller, Ror the same input node swing. This can bring ettds linearity
performance of the damped solution, for the sam&epoconsumption. Observe that this
element and the previous one respect a globalrligewise trade-off.
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Chapter 3

The Filtering ADC based DTT base-band

In this chapter the Filtering ADC structure is exploited
as the entire analog base-band of a Marvell Digital
Terrestrial Televison (DTT) tuner (3.1). The Filtering
ADC makes the receiver compliant to the critical ATSC
American  standard  (3.2-3.3). Smulation and
measurement results of the integrated 80nm prototype
are reported (3.4-3.6). Finally the comparison with the
state of the art of other possible base-band solutions is
provided (3.7).

3.1 The tuner overall architecture: LNA and mixer

The Filtering ADC proposed in Chapter 2, in its ¢eah original version, was integrated and
tested as the complete analog base-band of a Ma&riggial Terrestrial Television tuner [27].
The introduction of the Filtering ADC in an exigiimeceiver chain tailored for DVB-T led to a
dual DVB-T/ATSC compatible full integrated silicaoner. The Filtering ADC replaced an
existing wide-band traditional continuous time Sggelta converter, providing the possibility
to exploit its intrinsic high dynamic range potatity and blocker resilient operation.

The tuner and the front-end architecture are lyridélscribed in the following, in order to
give the main context in which the Filtering ADCsign took place. Then the base-band is
addressed in detail.

The TV receiver requires only one single ended ifat for the entire 40MHz-1GHz band,
has no external SAW filter or balun, and suppontghe back-end channels from 5MHz to
8MHz. A low-IF architecture is implemented, ablehtandle the RF input scenario thanks to a
low-noise programmable RF filter, an harmonic regcmixer and the Filtering ADC. Figure 1
reports the TV tuner silicon chip, while Figuretbwss the receiver scheme.
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Fig. 1 The full silicon 80nm Marvell DTT tuner picture (the | and Q Filtering ADCs have been

highlighted
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Fig. 2 The full silicon 80nm Marvell DTT tuner schene

The tuner front-end is matched toCYnput impedance. The LNA is the classic common
gate-common source noise canceling topology [28thwan embedded programmable
attenuation. The broadband receiver target malekdahmonic mixing issue to be critical. This
problem is solved combining the harmonic rejectamtive mixer, whose architecture is the
traditional Gilbert one, with a tunable RF curréléring implementing a 4 order Butterworth.
The filter operates in the current domain, thusveilhg for low noise and high linearity
performance. The output of the mixer (after theoneination of the harmonic rejection paths)

is a current signal. This signal is the differeintg@ut of the Filtering ADC.

Due to the active mixer implementation, as will $®en in Chapter 5, the mixer can be
modeled as a couple of resistances going fromripet inodes to the DC common mode of the
base-band. They correspond to the single endecbRsidered in Chapter 2. The value ¢f R

was evaluated through Spectre PSS-PAC simulations.
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3.2 The DVB-T and the ATSC-A/74 standards

In the field of Digital Terrestrial Television, DB stands for Digital Video Broadcasting-
Terrestrial, and corresponds to the standard of DB European consortium for the
transmission of the digital television signal thgbuhe terrestrial mean, via air interface (there
is also DVB-C for via cable transmission, DVB-S fsatellite one, and DVB-H for the
transmission of the television signal to the phowbiles).

ATSC Standard stands for Advanced Television Systedommittee Standard, and
corresponds to a set of standards developed &TB& consortium for the transmission of the
digital television signal mainly in North America.

A tuner able to handle in a single silicon chiptbot them has the big advantage to cover
and face a worldwide market.

What is really of interest, from the RF front-emttlahe base-band designers point of view,
are not directly the digital communication charaste&s of the received signal provided by the
standard (i.e. the modulation type, the guard waerthe bit-rate and the bit-error-rate, the
spectral efficiency, the channel distribution), Iubre circuit oriented specifications. Among
this information set it is important to know thestted signal bandwidth (both RF bands and
base-band channel bandwidth), the peak to avemtge (PAR) of the modulated signal, the
SNR required at the input of the demodulator arel dgbnsequent receiver noise figure, the
received channels profile, including the correspoggower of both the useful signal and the
blockers, and the non linearity and selectivitytde$his in turn translates, from the base-band
point of view, into the dynamic range (or signalrtoise and distortion ratio) specification,
expressed versus frequency as explained in Chapter

The RF front-end is rather broad-band. In this edhs relative profile of the in-band and
out-of band channels that reaches the antennatisnadified through the chain, especially
considering the adjacent channels interferers.Rféunable filter in fact is able to filter out the
far out-of-band interferers, which could be probédeic for harmonic down-conversion, but not
the near out-of-band ones.

The interferer input profiles (at RF) of the ATSC/A and of the DVB-T standards are
reported in Figure 3. The desired channel is cedtet the 4 frequency, while the adjacent
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channel power is provided in difference with thefukchannel one [29-30]. The ATSC-A/74
operates only with 6MHz channel bandwidth. The DVBias 5MHz to 8MHz channel

bandwidth, depending on the RF frequency and orcdlmatry of the broadcasting. The 8MHz
channel bandwidth reported in the Figure is thetroosimon.

The low-IF front-end down-converts at base-bandinipet spectrum, aligning to 1MHz the
frequency of the left channel edge of the desiigdas. In this way, the N-X (with X=1...5)
channels are partly folded in-band, representirggdignal and interferer image. To give an
example, the N-2 adjacent channel, placed at anfREt going from -6MHz to -12MHz from
frr is folded from 4MHz to 10MHz. Image rejectioneoated through the recombination of the
| and Q paths, is able to distinguish the desirednnel from the interferer folded channel
image. However, this un-wanted signal has stibéohandled by the base-band, and is critical
since it requires a high dynamic range at a vepyrtstiistance in frequency from the signal
useful band.

The critical spectrum that the base-band is requmeaccept at its input, after image folding,
is shown in Figure 4.a for both the standards. DW8-T specifications are reported for 6MHz
channel bandwidth to simplify the comparison. Netibat ATSC-A/74 requirements are more
demanding (up to 7dB higher dynamic range is reguat channels N+5) than the DVB-T one.
For this reason, in the following, only ATSC caseaddressed in detail.

From the ATSC spectrum reported in Figure 4.abéee-band DR profile requirement can
be obtained (Figure 4.b). First, knowing the frentd gain, i.e. the gain preceding the base-band
section, the current level of the interferers réagtthe base-band input can be evaluated.
Second, the absolute noise level that the basedhando satisfy, in order to make the receiver
respect the noise figure specification, is deciogdystem level simulations.

The designed Filtering ADC had to respect suchraatheling request with margin, in order
to ensure a robust DTT compatibility. It has beeld that the Filtering ADC substituted an
existing wide-band traditional continuous time SegBelta converter. The DR profile provided
by this old base-band is shown in Figure 4.b tdoe Dld wide-band ADC design failed in
handling the ATSC-A/74 standard (not the DVB-T).
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3.3 The DTT Filtering ADC design

The Filtering ADC complete scheme, depicted inngp$ified building blocks representation
of the whole tuner, is reported in Figure 5, pravdalso the names of the components of the
architecture. The Figure highlights the sectionthe base-band existing modulator that was
maintained without changes with respect to the ipusvversion and the Filtering ADC core
introduction. Except for the value of the resis@riorcy, Which was slightly modified to
optimize quantization noise performance, the wideebsection of the modulator (i.e. th¥ 2
order wide-band Sigma-Delta quantizer) was not aegd. The first active-RC original
integrator was instead changed into the filteriimgcture of the proposed narrow-band ADC.

The operational amplifiers were maintained from diniginal DVB-T project. The filtering
behavior of the new section was in fact expectedtmaegrade (but instead to increase) the
overall linearity performance. The operational afigk are designed in a feed-forward/Miller
(four stages) compensation topology, as that redart [31]. About 1GHz+f(i.e. the 0dB gain
frequency of the loop composed by the operationaplidier with its feedback network) is
provided, with a 40dB/decade in-band gain slopd:[f<and 60dB gain value is realized at
10MHz frequency. The current consumption of thst faperational amplifier is 8mA. The input
noise is that of an equivalent 1®3kesistance placed in series to the input nodes (Bed in
Chapter 2, section 2.2). The current consumptiohatli the second and the third operational
amplifier is 6mA.

The DAC2 and the DAC3 were also maintained the sasntor the old wide-band design.
The first DAC was modified, increasing of the 258 ¢urrent full-scale in order to ensure
bigger robustness to blockers in the first silippatotype. In the industrial final one the original
current value of the DAC is used, since the maddithe prototype versus the specifications
was oversized also in the worst case testing dondif27]. The architecture of the DAC is a
traditional class-A one [25], in which cascoded P&€urrent sources act as the fixed full-scale
current generator (Chapter 2, section 2.4.E) whdscoded NMOS ones switch on or off
depending on the thermometric feedback code.
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Clock frequency | Signal BW |Scaling Factor
337.5MHz 5MHz 0.625
405MHz (aTsc) 6MHz 0.75
472.5MHz 7TMHz 0.875
540MHz pve.1)| 8MHz 1

Fig. 6 Clock Frequencies, channel bandwidths and aling factors

The quantizer is a full flash architecture. It usmsegitched-capacitors comparators, and
generates a 14 levels thermometric digital code fBedback path is completed with a DWA
(Data Weighted Averaging) cell, to ensure suffitiemearity to the DACs. Process mismatches
in fact, which makes the unitary DAC cells differaame to the other, could deteriorate the
linearity of the feedback, thus directly reducidge tENOB of the entire converter. This is
avoided using the cell randomizer [32].

The existing Sigma-Delta embedded also a calibratiachine, in order to calibrate the time
constants of the modulator to avoid process spreaméng the ADC towards instability. The
calibration was extended to the Filtering ADC inmpéntation. The calibration acts as follows.
The process spread of resistances is firstly sendeeh a capacitance C (nominal £25%) is
tuned in order to regulate an RC time constant frezise clock frequency, used as timing
reference. Finally the digital code, used for tingirig of C, controls all the capacitances in the
Sigma-Delta.

The DVB-T tailored base-band was able to cover, ttwetwo control bits, channel
bandwidths from 5MHz to 8MHz (5,6,7,8). The cormsging reconfigurability was
reproduced also in the Filtering ADC. The clockgirencies are shown in Figure 6, together
with the frequency scaling factors applied to theé Bme constants. All the poles of the
converter have in fact to be moved with the clagqfiency to maintain equal margin from the
instability. The time constants are tuned actingh@resistances values.

A low-jitter PLL was also re-used from the DVB-Toject to get the ADC clock frequency,
thus avoiding jitter noise issues in the modul@gpendix Il). The entire internal generation of
the clock phases (to drive the comparators an®#&@s) was not modified too.

The base-band analog supply is 1.8V, while thealigection uses a 1.2V supply.

A. The Filtering ADC sizing guidelines

Even if the Filtering ADC was designed in a fulljferential topology, in the following the
single ended reference values used in Chapter @saek The wide-band section guidelines are
now presented in a brief summary. The equationsfidposed in the continuous time study of
Chapter 2 were first used. Then, the discrete timdels of the Filtering continuous time Sigma
Delta ADC (Appendix 1) were exploited to confirmetheffective transfer function of the
converter:

1. gmbac=0Mbaca, Re=Res in order to control the Q of the wide-band biquesihg only
the capacitances ratio {§0Cg,) and to fix equal the in band dynamic of the vp#ta
nodes of the structure (i.e. the output of thedloperational amplifiers). The gain of the
wide-band section is constrained to be 0dB, s@.gm1/Rs,. The wide-band cut-off
frequency iz sets the value of &Czgs. fwg is chosen, for a given clock frequency, as the
maximum one that guarantees the stability of theCADr a total loop delay of 1 clock

42



Chapter 3 The Filtering ADC based DTT base-band

cycle Ts (T¢/2 for the comparators and the digital DWA logily9Ts/2 extra-loop-delay
margin). The biquad is designed as a Butterworthinivease the margin against
instability (a higher Q would give a smaller mangifhe discrete time equivalent
models (Appendix 1) have to be strongly employethét level to verify the modulator
performance.

2. In order to satisfy noise and power constraints,ithpedances of the wide-band section
are scaled with respect to the first stage ones.chosen impedance values are sized to
limit the DACs power consumption and capacitancea &, and Gs), while providing
at the same time an acceptable noise level.

3. The resonator resistanceyd?cy is used to tune the notch of the quantization enois
shaping, when the other wide-band parameters aexl.fiThere is a single notch
frequency that minimizes the in-band quantizatiois&@ amount (optimum), but it has to
be taken into account that process variation cowdgle the notch also outside the signal
band, thus drastically reducing performance, if s@afety margin is not allocated.

The sizing of the Filtering ADC narrow-band sectisrbased on the equations (5) and (6-9)
given in Chapter 2. A value ofsRqual to 2.5 was estimated to model the mixer driving, and
has to be taken into account. Useful guidelinegpeoeided as follows.

1. The four design constraints of the Filtering AD@ &he cut-off frequency, the quality
factor, the high frequency input impedance anditHeand gain. There is then a fifth
relationship between the DAC current full scale.(gnpac) and the feedback damping
resistor B. Realizing an effective noise-shaping for the nartiamd section too, applies
in fact for the product gpacR. to be sufficiently bigger than one.

2. The value of €is given by the input impedance/noise performanade-off (Chapter
2). The lower limit for Gis given by the input impedance constraint, sint@aavoltage
swing has to be designed at the input of the FigeADC to achieve good linearity
results for both the mixer and the main feedbaclCDA&he upper limit for ¢is selected
by the noise budget, being &d the operational amplifier the dominant noisgces of
the architecture. Increasing; @educing R) would increase the noise amount of the
structure (see Figure 6, Chapter 2) if the highspsection of the transfer function
dominates the noise, as it is the case for sudchhedxpected R

3. The value of gmuc is defined by the transimpedance gain of the AD(. given by the
analysis of the current input scenario that theveaier must be able to handle since it is
directly linked to the DAC current full-scale.

4. The values of R R, and G are given in consequence by the desired cut-effuency
and quality factor.

The cut-off frequency is chosen according to théseaiselectivity trade-off described in
Chapter 2. Increasing it would reduce the base-lpamk, however limiting the handling of the
out-of-band blockers. The cut-off frequency is sshed to the highest possible frequency, still
maintaining some dB of margin for the interfereyaamic.

The in-band flatness of the base-band signal tearfsinction, which is related to the Q
value, represents another constraint in the DTTliggdon. According to this element,
remember that it is possible to demonstrate thab idamped design the approximation
Ri:C;>>R,C; is valid, and this simplifies the Q expressioneTdominant pole of the open loop
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biquad (i.e. the low pass currei@ filter plus the active-RC &, stage), in fact, is given by
the RC; time constant and is moved by the loop gaing@R.,) to the cut-off frequency of the
converter. The secondary pole of the loopQdR is placed after the cut-off frequency and is
used to control the quality factor of the biquad.

Dealing now directly with the integrated desigre ttut-off frequencyf ((8), Chapter 2)
was positioned at a factor 2 than the desired kigeguency edge (18-16-14-12MHz for 8-7-6-
5MHz signal bandwidths). A 0.55 nominal value fbe tcontinuous time narrow-band section
Q' was used ((9), Chapter 2). This optimized thdéamd signal transfer function flatness,
according to the discrete time architecture modelBe aware that sampling and loop delay
tend to increase the quality factor value of sysitterl complex conjugate poles. Moreover, the
presence of a wide-band biquad not so far in fraquérom the narrow-band one modifies the
signal transfer function of the latter, at leastmend above thg'ffrequency, still increasing the
effective quality factor in comparison to the noali@’. In this senseyis, Qus, fo and Q' can
be considered only as nominal reference values.viitle-band section cut-off frequencysf
((11), Chapter 2) was placed at a factor 5 thard#sered signal frequency edge. A 0.7 value for
the Qus ((11), Chapter 2) was used to optimize the stghgioperties of the converter against
extra-loop delay.

B. Calibration and reconfigurability implementation

A thermometric control word can be active in theidge to tune the capacitances values, in
the entire modulator, according to a calibratiorchiae output. This has the aim to counter-
balance the process spreads of the resistancesodBing at the physical implementation,
calibration was embedded by separating the oveaglhcitance into a constant modulg@nd
a tunable one fep, being the latter controlled by the calibratiorisbiThe 15 levels
thermometric digital code translates directly idf® unitary modules, as shown in Figure 7.a.
The s...5=000000001111111 code sets the nominal case (7 lesxodannected), providing
about +30% and -26% control of the RC time constainto 15 discrete steps (i.e. about 3.5%
precision of the calibrated RC time constants). $iséch named Res in the Figure was also
added to be able to completely discharge the cmme in a reset operating mode. The
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Fig. 9 Reconfigurable Filtering ADC simulated quanization and signal transfer function

switches were implemented with minimum channel flerig reduce the on-state resistance, in a
complementary PMOS-NMOS realization.

Impedance scaling for frequency reconfigurabilitgsninstead implemented modifying the
value of the resistances, as depicted in FigureTio bits (g and a) work as control word. A
simple digital logic is able to provide the.ss, bits that drive the switches. A complementary
implementation of the switches was used also mdhse. A single resistor strip was given, and
the output node can be changed operating on thehssi (only one is in on-state at any time).
A resistor module equal to the module used in #ibm@tion unit was chosen, while giving at
the same time the possibility to obtain the desiesistances with a limited number of cells.

C. Input capacitance (G) implementation

The calibration algorithm applies also to the inpapacitance £Now, two are the elements
that have to be taken into consideration. Firsg ihput capacitance was splitted into a
differential capacitance and a single-ended onprdgide some low input common-mode high
frequency impedance, while still keeping reducedetser as possible the silicon area. While
the first module is connected from the positiveéhe negative input node, the latter is realized
using two elements connected from the positivethadhegative input nodes to ground. Second,
the calibration implementation, embedded entirelty ithe differential capacitance since the
value of the ground connected modules is smallen tthe differential one, had not to un-
balance the differential operation of the circhitie to these reasons, the differential part of the
passive element was implemented as shown in FRjUvéith respect to the other capacitances
of the converter, any discrete module @iogwas in turn divided into two sections, in order to
put the doubled calibration switches at the lefd aight side of the passive, at the same
moment. This ensured perfect differential operatimmd allowed for a fully differential high
matched layout.

The fixed single-ended modules were chosen to ako@bout the 5% of the total
capacitance C Layout extraction tools were intensively usedgd the correct value of the
capacitance, taking into account also the parastjoacitance to ground of the differential
section. M1-M5 MOM capacitances were in fact usadaf high density implementation, thus
not minimizing the parasitic effect.
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(a)| Source % Noise [V7] (b) | Source % Noise [V?]

1st op-amp 23.2% 2.44n 1st op-amp 19.8% 2.12n

R4 17.3% 1.82n R4 17.2% 1.84n

DAC, 12.4% 1.31n DAC, 14.4% 1.54n

R, 7.8% 0.82n DAC; 6% 0.64n

DAC, 5.4% 0.57n R> 5.4% 0.58n

2nd op-amp 4.4% 0.46n 2nd op-amp 4.3% 0.46n
Quantization 26.6% 2.8n Quantization 28% 3n

Total 10.5n Total 10.7n

Fig. 10 Simulated noise summary for DVB-T (a) and ASC (b) mode

3.4 Simulation Results

Some simulation results are now shown to give &rrihsight into the reconfigurability of
the Filtering ADC structure, and into the designgadure, and to provide more details about
the noise analysis.

A. Reconfigurability and general simulations

The discrete time signal transfer functions and ntjgation noise transfer functions
evaluated for the four different clock frequencaes reported in Figure 9. They were simulated
considering half a clock cycle nominal loop delaydahe discrete time Matlab equivalent
representation of the Filtering ADC (Appendix b)id possible to recognize both the effectiye f
and fys. The wide-band signal transfer function of the DVRexisting base-band is reported
also for comparison. The in band gain is normalizethe graph to the 1/gfc value, which
was also the gain of the old design. The in-basd af the Filtering solution, with respect to the
original one, is due partly to the damped designofgR>~10, see Chapter 2) and partly to the
finite driving impedance gain reduction effect (ian between Rand the input impedance).
For each standard (ATSC-A/74 and DVB-T):

1. Signal transfer function analysis was performeagshe discrete time equivalent model
and the Simulink one (Appendix 1) and then was towdd using circuit transient
simulations.

2. The handling of the maximum signal versus frequeneg simulated with Simulink,
considering the representation of video OFDM irgighals as multiple sinusoidal tones
to take into account the PAR.

3. Quantization noise estimation was provided usirgy discrete time equivalent model,
and then was refined with Simulink.

4. Analog noise estimation was obtained simulatingthwihe circuit simulator, the
continuous time model of the architecture.

5. Non-linearity two-tone tests were performed throaghbuit transients.

6. Power-up from reset mode and from power-down werdigd.

Circuit transient simulations considered the entoaverter architecture, both analog and
digital. Together with the signal transfer functiche large amplitude stability (maximum
signal amplitude) of the converter was charactdrizecreasing the amplitude of the input
current tone, at each frequency, until the levelvaich modulator instability was produced.
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< 700um >
Fig. 11 Filtering ADC picture (layout)

Corner analysis was also performed, in order towstite robustness of the architecture to
process and temperature variations and to biasatate supply reduction or increase.

B. DVB-T and ATSC simulations and noise summaries

The DVB-T in-band (1MHz-9MHZz) gain drop from thegirb,c Nnormalized gain level is
almost 1.6dB. About 1dB is due to the intrinsiceeffof damping (B, the remaining 0.6dB is
due to the driving impedance partition with theunpne, which is estimated in 180 The
DVB-T noise summary is given in Figure 10.a. Thémanalog noise contribution is the input
operational amplifier, which was not optimized fooise performance. The third analog
contributor is the DAC of the second stage. Quatith noise estimation represents about the
26% of the total noise amount. The two-tone tesfopmed to evaluate the linearity of the
converter, using sinusoidal tones stimulatiffyodder intermodulation effects due to adjacent
channels, showed intermodulation products alwayertitan 10dB below the noise floor, even
if choosing worst case current levels for the inpuaes with respect to modulated video signals.

The ATSC in-band (1MHz-7MHz) gain drop from the riigc normalized gain level is
almost 1.75dB. About 1dB is due to the intrinsifeef of damping (B, the remaining 0.75dB
is due to the driving impedance partition with thput one, which is estimated in 230The
ATSC noise summary is given in Figure 10.b. Themmadise contribution is still the input
operational amplifier. Almost the same commentsfasthe DVB-T case can be given.
Quantization noise estimation represents abou2®é of the total noise amount. The two-tone
tests performed for the linearity evaluation of ttmmverter showed intermodulation products
always more than 10dB below the noise floor alsthis case.

3.5 The Filtering ADC prototype

The Filtering ADC was fabricated in a 90nm (thenrdted to 80nm) CMOS process. The
layout of the prototype is reported in Figure 1InlyOthe base-band for the | (Q) path is
depicted for simplicity. All the sections of thentmuous time modulator are highlighted. The
active area of the entire base-band is 0.21mm expected, it is mainly dominated by the input
capacitance C

The operational amplifier of the first stage isgeld in the middle of € together with the
Filtering ADC narrow-band section remaining passi{®, R, and G). The operational
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Fig. 12 Scheme of the implementation of the differgial section of the capacitance €

amplifiers of the second and of the third stage egeal. The only small difference in the
consumed area is the different value of the feddbapacitances £ and Ggz. A careful layout
was carried out for the switching pairs of the DA€lls, since any parasitic or spur coupling
would have deteriorated the DAC linearity perforicenComparators, DWA, digital logic and
voltage regulators (the area not named in the r@gtoccupy a non negligible amount of area
(about 25% of the total).

As mentioned, another critical point of the layauts the interconnection of the differential
section of the first capacitance,Gn order not to degrade the differential prom=tof the
modulator. The scheme of the adopted solution esvehin Figure 12, and exploits a double
“U” common centroid interconnection shape. A thinktal layer with low resistivity for square
is used for the long interconnections. This lagenot visible from the layout in Figure 11, but
can be appreciated from the entire tuner photogirapigure 1.

If the base-band section is compared with the iexjstide-band original one, 10% of extra
area is consumed. This corresponds to only less #3a area increase if the entire analog
section of the receiver is computed. Remember, tiexyehat this is not a fair comparison,
since the original solution was not able to satibfyy ATSC-A/74 standard. A fairer comparison
can be provided with the equivalent filter-ADC cade presented in section 2.2. In this case the
cascaded solution would have required about 35%eroga (estimated) in the capacitances
than that of the Filtering ADC solution, to get gme noise and the same voltage swing at the
mixer output (required to preserve the modulatod amixer linearity). This is because the
overall noise advantage of the Filtering ADC in @amson to the equivalent filter-ADC
cascade is quantitatively simulated in about 2dfe ®nly way for the cascaded solution to get
the equivalent noise figure performance, when usesl receiver chain, of the Filtering ADC,
would be to increase the gain preceding the basd-fiay 2dB). A reduction of the base-band
impedance levels would be so required (e.g. hiGher

3.6 Measurement Results

The measurement results are reported only for the@xA/74 6MHz channel bandwidth
operating mode. In this case the IF signal bandwggtes from 1MHz to 7MHz. The Filtering
ADC dynamic range profile (Chapter 1) is reportadFigure 13. The required ATSC-A/74
base-band dynamic range mask, evaluated in se8t®nis also reported for comparison.
Contrary to a traditional ADC (see also Figurel proposed one has a frequency dependent
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Fig. 13 Filtering ADC dynamic range versus frequeng (DR(f))

Main Parameters DR and FoM
Supply 1.2V-1.8V In band DR/SNDR 75.6dB/74.6dB
Power 54mW DR/SNDR@ 15MHz 81dB/80dB
Clock 405MHz DR/SNDR@30MHz 90dB/89dB
Bandwidth 1-7MHz In band FoM 1.03plic-s
Technology  90nm CMOS FoM@15MHz 0.55pl/e-s
ADC area 0.21mm’ FoM@30MHz 0.2pl/c-s

Fig. 14 Measurement result summary

dynamic range that matches the blocker mask. |a #a@nse the Filtering ADC can be
considered a further step, with respect to thetiegisolutions, in the optimization of the fitting
of the base-band performance to the system spaiiics. The result perfectly follows the
requirements.

The in-band dynamic range is 75.6dB and it growdréguency due to the embedded
filtering action. It is 81dB at 15MHz and 90dB a&MHz. This almost corresponds to the
frequency at which the interferer profile stopsrtorease, according to the standard. The noise
measurement provided only about 0.2dB discrepantly simulations for the integrated in-
band noise, showing good accuracy also for the tqaaion noise analysis and estimation. A
slightly narrower ADC signal transfer function wasbtained than simulated, however
respecting the 0.8dB maximum value of in-band dass required by the system level
simulations. The ATSC condition is handled with giar A 4dB margin was measured in the
overall tuner in the ATSC selectivity tests. Thergma seen in Figure 13 would seem smaller.
This is due to the fact that the entire PAR wassim®red to get the specification mask and this
was then measured to be a worst case condition.

The signal to noise and distortion ratio variedwitequency too (Chapter 1, SNDR(f)), and
resulted only 1dB below the dynamic range. Thedigm noise and distortion ratio is 74.6dB
in-band, 80dB at 15MHz and 89dB at 30MHz. Theseeslcorrespond to 12.2bits, 13bits and
14.5bits ENOB, respectively. The power consumpbdrthe entire base-band is 54mW, the
main contribution to power consumption are the 36nfiwin the three not optimized
operational amplifiers. If the figure-of-merit (FQMf the filtering sigma-delta converter is
evaluated using the following formula:
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Main Parameters Performance
Standard DVB-T/ATSC NF @ max gain 3dB
Analog Power 340mW Selectivity DVB-T (N+1)  40dB (spec 29)
Digital Power 100mW Selectivity DVB-T (N+2)  46dB (spec 40)
Channel Bandwidth 5,6,7.8MHz Selectivity A/74 (N+6) 59dB (spec 57)
Technology 80nm CMOS Image Rejection >65
Die Area 5.6mm’ [IP2  1IP3 +20/+66 -15/+30

Fig. 15 Measurement result summary of the Marvell DT Tuner

Power

FOM = ——ower__ (1)

2ENOB+1.Bywy

where BW is the desired signal bandwidth in whidisa and distortion are integrated (i.e.
6MHz for the ATSC-A/74 case), values of 1.03pJ/cetap, 0.55pJ/conv-step and 0.2pJ/conv-
step are achieved in-band, at 15MHz and 30MHz ctsedy. A complete summary of the
measurements result is given in Figure 14.

Since the Filtering ADC base-band provided to thére TV Marvell tuner the ability to
extend its range of application managing the AT&0dard too, modifying only the base-band
topology in the entire architecture, a measurensemimary of the complete receiver is also
reported in Figure 15. The numbers are those ofirttiestrial TV tuner implementation. As
stated in section 3.3 a Filtering ADC first implemtegion was realized increasing the first DAC
current full-scale to be conservative in the AT&@iferers handling margin (then measured in
4dB). A new sizing was then provided to report ibase-band gain equal to that of the original
version, thus measuring a 2dB final margin. The lpers provided in Figure 15 deals with this
second implementation. The selectivity performamogploits directly the Filtering ADC
benefits shown in Chapter 2. The base-band doesletetiorate the global noise figure and
linearity (IIP2 and 11P3) performance.

The Marvell TV tuner is now in production, represeg a section of the Marvell ARMADA
1500 high performance high definition media prooeg®mwering the new Google TV platform
[33].

3.7 Comparison with the state of the art

A comparison with the state of the art of Sigmat®elonverters is given in the following,
updated to the year of the Filtering ADC main papeblication [16]. A first comparison is
reported with the state of the art of filtering ADThis is a pretty new concept, and poorly
present in literature. A comparison with the stft¢he art of traditional wide-band continuous
time Sigma-Delta converters is then shown.

A. Comparison with the state of the art of filtering ADCs

Figure 16 reports the comparison table. The prapeséution shows the best performance
both in-band and out-of-band, thus revealing itsefies in the implementation of an interferers
immune base-band. The out-of-band measured remd@tshosen at a frequency equal to four
times the signal band right edge.
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BW Fclock Power SNDR DR In-band FoM Out-of-Band Area

Work  MHz [MHz] [mW] peak [dB] [dB| [pJ/step] FoM [pJistep] [mm?] 1echnology
Thiswork 6 405 54 746 75690 103 0.2 021  0.09um
7] 1 64 2 59 6571 137 0.7 0.14  0.18um
[34] 65 9 1224 709 75 3.28 - 215 0.18um

Fig. 16 Comparison with the state of the art of filering ADCs

The solution reported by Philips et al. [17] hasiraband behavior similar to the proposed
architecture (1.37pJ/conv-step versus 1.03pJ/ctep)sHowever, only a first order filtering
transfer function is implemented. Furthermore, b pass narrow-band filter (a passive
voltage one) is placed after the first operati@raplifier of the converter, so it does not help to
relax the linearity requirements of the active edats, since they still have to manage all the
input current. In the proposed Filtering ADC it watsown that the input capacitance is able to
passively filter out the interferers, in the cutretomain, before reaching the first active
integrator.

The architecture presented by Pandita et al. [@4]dvery high frequency selectivity, even
if the power consumption is more than two times HEigering ADC, for almost the same
bandwidth and the same in-band SNDR. First, it a¢ possible to evaluate which is the
maximum signal that the architecture is able todarsimply looking at the signal transfer
function. A filtering signal transfer function iradt prevents the saturation of the quantizer
present at the end of the converter, but does natagtees the absence of clamping in the
internal stages. Second, a discrete time completeimentation of the modulator has been
designed, thus explaining also the ten times asaawned than the Filtering ADC.

B. Comparison with the state of the art of traditionalwide-band ADCs

In Figure 17 the most relevant continuous timeealidnd ADCs are reported. A first group
[35-38, 31] is based on a voltage quantizer (FlakF internal ADC) while a second one [39-
40, 21] is based on a time-domain quantizer. A @mspn with traditional continuous time
implementations can be useful, even if a complettifferent signal transfer function is
implemented, under the assumption that the ouofilperformance of a filtering solution is
compared with the in-band performance of a flat eAidnd one. This becomes a fair
comparison, between the two structures, if theofdttand filtering achievement is evaluated at
the frequency of the most critical interferer ttiad base-band has to handle. Actually, the entire
base-band dynamic range (SNDR) profile should mepawed.

Two elements have to be taken into account to ibatiderstand the previous statements.
First, the wide-band structures, if not precedeay low-pass filter, must be able to handle the
same out-of-band interferers of the filtering atetiures. In this sense their in-band dynamic
range is still decided by out-of-band specificasioSecond, in consequence of the previous
aspect, the in-band (considering the applicatiordbaot the converter one) dynamic range of a
wide-band system could be also oversized, andeadiyyrrequested.

The proposed solution achieves very low area, simtgthe architecture reported in [40] is
smaller, competitive power consumption ([38] consanenly 7mW but has also a very low
signal to noise and distortion ratio) and dynanaioge, over a bandwidth that is only slightly
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BW Fclock Power

SNDR

In-band FoM OQut-of-Band Area

Work [MHz] [MHz] [mW]| peak [dB]  [pJ/step] FoM [pJ/step] [mm?] ' cchnology
This work 6 405 54 746 1.03 0.2 021  0.09um
35] 85 264 375 84 1.7 - 25 0.18pm
[36] 10 640 100 8 0.49 . 07  0.18um
[31] 20 640 20 74 0.12 - 12 0.13um
[37] 20 340 56 69 0.61 - 05  0.09um
[38] 10 400 7 52 1.08 - na.  0.09um
[39] 5 400 48 677 0.48 - 26 0.18um
21] 10 950 40 72 0.61 - 042 0.13um
[40] 0 250 105 60 0.32 - 0.15  0.065um

Fig. 17 Comparison with the state of the art of trditional wide-band ADCs

narrower than the other applications. Normalizing walues to the signal bandwidth (i.e.

considering the oversampling ratio) a clock frequyea little bit faster than the other solutions
is used. In terms of FoOM the best humber is obthie&cept for the architecture proposed by
Mitteregger et al. [31]. A FoM of 0.2-0.15pJ/corteys was the state of the art number for the
oversampled ADC also at the International SolideS@ircuit Conference 2012, at least looking
at the high dynamic-range and high bandwidth appbos. [31] presents then a FoM

significantly lower than the others present inrétare (even considering the most recent

works).

Finally, it has also to be considered that the psepl solution was developed in a complete
receiver tailored for industrial production, withfe-margins to guarantee the reliability of the

product.
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Chapter 4

The E-Filtering ADC based GSM-UMTS
base-band

In this chapter the E-Filtering ADC structure is studied
in its ability to represent the entire analog base-band of a
cellular receiver (4.1-4.2). The detailed system level
study of a new E-Filtering ADC based receiver chain is
shown. Smulation results of the entire architecture are
given (4.3). Finally a silicon prototype of an equivalent
Rauch based receiver is presented, together with
measurement results (4.4-4.5).

4.1 The E-Filtering ADC based receiver architecture ad its system
level analysis

In the application field of wireless receivers,laker standards represent probably the most
challenging environment, requiring at the same timg/ low-noise, to provide high sensitivity
receivers, extremely linear circuits, to handlgémput blockers (up to 0dBm power), with the
constraint of a limited power consumption [41].tCel trade-offs are expected to lead any
design (both at the RF section and at the base-baefiand innovative strategies are always
required to achieve increasing performance.

The proposed quadrature low-IF/direct conversiaiker architecture is shown in Figure 1
in a simplified building blocks scheme. Such amttitire is intended to face both GSM and
UMTS scenarios exploiting a current-mode intrinpiocessing. The chain is reduced to a
minimum number of blocks. Figure 2 depicts a mataited, even if still simplified, picture of
the receiver structure [22]. The SAW (GSM) and Dwaplexer (UMTS) are not shown for
simplicity.

The RF section is realized with a Low Noise Tramskator (LNT). It is characterized by a
transconductance gain gg and conceptually provides the matching to th@ adtenna (there
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Fig. 1 The new proposed receiver scheme
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Fig. 2 The new proposed receiver scheme (more ddéal)

will not be a physical 32 to ground in the effective implementation). Thepat current is
driven with the highest possible output impedamo@imizing Gyt and maximizing Ryr.
Rn..nt models the LNT noise.

The interface between the RF and the base-bandifBBalized with current-driven passive
mixers, implementing also the quadrature if a 0/B0° control signal generated by a Phased
Locked Loop (PLL) is used. Passive mixer receilege become the solution of choices in
recent times primarily for their low flicker-noiskigh linearity and low power consumption [3,
15]. The RF/BB interface realized with the passiesvn-conversion, i.e. the equivalent base-
band driving, is tackled in detail in Chapter 5.

The base-band relies on the E-Filtering ADC archiee described in Chapter 2. A'®rder
narrow-band signal transfer function is realizednslating the input current in a output digital
code through a transimpedance like gain, and paifigr a 2.5 equivalent quantization noise
shaping (i.e. the intermediate performance betveeBhorder and a'3 order Sigma-Delta).

As expected, the major attention in the analysié e given to the base-band section,
assuming fixed (and reasonable) RF section andveassixer sizing and performance. Only
one source of noise was not considered in Chapteang with the Filtering ADC and the E-
Filtering ADC: the noise due to the jitter of theak frequency of the modulator. This element,
whose theory and analysis is addressed in Appehd{together with a large number of
literature references), is also assumed for theepted system level study.

The system-level analysis of the entire architectuas led exploiting different evaluation
and simulation tools:

1. Microsoft Office Excel was used to describe in aalgtical way the entire architecture,

embedding the analysis of the non-linearities {f@ RF section), of the noise (for the
whole chain, | and Q considered) and of the volwagiag at all the nodes of the circuit.
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Fig. 3 GSM interferer profile

2. Matlab and Matlab Simulink were used to get therdie time behavior of the Sigma-
Delta ADC and to estimate the quantization noise@ock jitter noise contribution.

3. Cadence circuit simulations (Spectre PSS PAC ardIBE) were performed to confirm
the results of the previous points and to simypaiesive mixer non predictable effects.

4.2 GSM and UMTS cellular standards [41]

GSM bandwidth is 200kHz. Its sensitivity target02iBm from the standard) is in the order
of -110dBm, to achieve a competitive receiver f@@ tommercial applications. This translates
into 2dB noise figure requirement (5dB SNR at tHeCAinterface) evaluated at the front end
input. A worst case 4dB SAW plus antenna switcératation is assumed.

The interferer standard profile is severe. It isvgh in Figure 3, reported centered at DC
assuming zero-IF receiver architecture. The pragilgiven in dBc with respect to the in-band
desired signal power. The PAR of the blockers testa be taken into account.

A first group of interferers considers the near ofsband modulated 200kHz bandwidth
channels (100kHz and 300kHz distance from the 1@0#kdnnel edge) that can be present with
-82dBm channel power. The reference interferer ¢Btlat 400kHz offset from DC) can be
particularly critical in terms of the absolute @nt level that has to be handled by the base-
band, since it could be difficult to operate suataarow-band base-band filtering to attenuate it.
A second group considers the intermediate out-afibaterferers that can be received with -
99dBm channel power. In this case both the +66d&dituous wave blocker at 1.6MHz
distance from DC and the +76dBc 3MHz one are alraqatilly challenging. They reach in fact
-33dBm and -23dBm power, respectively. If the fat-of-band blockers are considered, there is
also a very demanding 0dBm interferer at 20MHz/8@Mifset from DC, depending on the
GSM RF band. Of course this situation is tacklety evhen a SAW-less chain is taken under
investigation, since the 0dBm interferer falls ofithe GSM RF global band. Two tone tests
have also to be considered in order to verfiyahd &' (e.g. the +56dBc at 0.8 and 1.6MHz
offset from DC) order linearity performance.

UMTS channel bandwidth is 3.84MHz, with 5MHz chansgacing. Its sensitivity target is
in the order of -107dBm (competitive commercial laggtions). This translates into 2.2dB noise
figure requirement (-5.5dB SNR at the ADC interfaeealuated at the front end input. Worst
case 4.3dB duplexer attenuation is assumed. The &JMdckers profile is shown in Figure 4.
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Fig. 4 UMTS interferer profile

Again the PAR of the interferers has to be takeéo atcount besides the dBc average power
value given in the graph.

The adjacent channel test (indicated as ADJ1) riscpiarly critical in the UMTS standard.
Not only it can reach a power of +41dBc at only SMetistance from the desired signal, but
also this power level grows together with the d=bichannel power (up to -66dBm desired
signal and -25dBm interferer). Not shown in theufgg the estimated -25dBm at 45MHz
leakage from the transmitter (through the duplexeperating UMTS in frequency division
duplexing mode, has to be also analyzed. Noticd tais is valid for GSM too) that the near
out-of-band blockers can become difficult to handleerms of clock jitter of the base-band
ADC, since the phase noise skirts can be not ribigigior a given timing reference generation,
during the sampling that takes place at the ADGi@e¢Appendix I1).

Since the proposed receiver chain is broad-bantdtr the Low Noise Transconductor and
the mixer, narrow-band filtering is introduced b tE-Filtering ADC only. The consequence of
this is that the E-Filtering ADC has to be abléémdle at its input the same scenarios as those
reported in Figure 3 and Figure 4. In order todlate these informations into a useful dynamic
range profile specification (Chapter 1), both thesaute level of noise produced by the RF
section, and its gain, and the chosen cut-off feagy of the base-band have to be known. In
this sense, an intensive evaluation and simulatonk was carried out to investigate the
noise/selectivity E-Filtering ADC intrinsic tradéfoin order to get the less demanding base-
band requirements and to find the less power humgty to satisfy such specifications in a
limited silicon area environment.

The Low Noise Transconductance gain is equal to$@on both the standards. QKR nt
and 400fF Gyt represent the estimated transconductor outputdemee (see Chapter 5 to get
the equivalent base-band driving impedance). NMOSers were simulated driven with
900mV square wave 25% duty-cycle LO at 2GHz (UMB8Y 1.8GHz (GSM). Low Noise
Transconductor plus passive mixer noise figure gsaé to 1.5dB, which is considered a
reasonable value achievable at low power consumptith the state of the art technology.

Using these parameters in the GSM case, a base#i@ad floor of -128.5dBm (input
referred at the receiver front end) has to be fedido get the total 2dB noise figure. The
400kHz +41dBc reference interferer test, and théi3M76dBc one, set a required base-band
dynamic range of 83.5dB and 101.5dB respectivedy these values correspond to the dynamic
range profile specification plot at 400kHz and 3MHZ a cut-off frequencyf=1.4MHz is
chosen for the E-Filtering ADC, the worst case amd referred) dynamic range is that
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@ [""Gsm__ [ Highgain | Lowgain | ® [ uMTs | Highgain | Low gain
ADC order 2 2 ADC order 2 2
Internal wide-
band ADC. clock 64MHz | 64MHz clock 256MHz_| 256MHz
ADC levels 14 14 ADC levels 14 14
gMoac 160pS 500uS gMoac 280uS 560uS
iggtering R1 (Rix Rx) 2800Q 560Q 5600 R1 (Rix Rx) 100Q [140Q350Q
core [ 266pF 266pF C4 340pF 340pF
Ce 24pF 34pF Co 17pF 24pF
9gMpac2 40uS 40uS 9Mpac2 140uS 140uS
9MpAacs 40uS 40uS 9gMpacs 140uS 140uS
, Rez 25kQ 25kQ Rez 7.2kQ 7.2kQ
Wide-band
section Ceo 1.65pF 1.65pF Cs2 1.65pF 1.65pF
Rez 25kQ 25kQ Re2 7.2kQ 7.2kQ
Ces 0.9pF 0.9pF Css 0.9pF 0.9pF
Rnoren null null RnoreH null null

Fig. 5 GSM and UMTS E-Filtering ADC sizing

corresponding to the 3MHz blocker and is equal 838B, since the 3MHz blocker can be
equivalently attenuated by 13.2dB by the low-pagsdnl (101.5dB-13.2dB=88.3dB). If the RF
section parameters are instead used in the UMT& eabase-band noise floor of -113.7dBm
(input referred at the receiver front end) hasdacshtisfied to get the total 2.2dB noise figure.
The adjacent channel test sets a required basedarainmic range of 84.4dB. This becomes
88.8dB if the signal PAR is added (worst casea ¢ut-off frequency£3.4MHz is chosen for
the E-Filtering ADC, the worst case (in-band reddjr needed dynamic range is reduced to
77.4dB (81.4dB with PAR), since the 5MHz blocken ¢z attenuated by about 7dB by the E-

Filtering ADC.

4.3 Simulation results of the receiver chain

A. GSM case

The GSM sizing, decided after performance systewelleptimization of the E-Filtering
ADC and following the same general considerationseported for the DTT Filtering ADC
sizing in Chapter 3 (section 3.3.A), is reportedrigure 5.a. The base-band can work in high-
gain mode or in low-gain mode. The first one isdusé the sensitivity condition, while the
second one is used in the presence of criticalkklsc(when it is also possible to relax noise
figure requirements). The high-gain is 48.5dB (frtme front-end input). This corresponds to
the 50mS LNT gain, -7dB passive mixer loss andlBkse-band transimpedance. In low gain
mode the gain is reduced by 9.5dB, acting on trez=4@nd only. To get such an equivalent
transimpedance high-gain, the DAC full-scale curtierset to 80pA (160uS equivalent DAC
transconductance). The clock frequency is 64MHz, gt enough quantization noise
compression using only a second-order wide-baretnat ADC (without notch). The number
of internal ADC levels is decided the same as far DTT case (Chapter 3), and the same
stability constraint of up to half a clock cyclecapted extra-loop delay are taken. Considering
the narrow-band E-Filtering ADC core, 266pF aresamofor the capacitance @nd 28Q for
the input resistance. Even if the value of the #ms®l input impedance is not so small at the
cut-off frequency, the intrinsic E-Filtering ADCduactance-like in band behavior provides less
than 2% in the signal band of interest (100kHz zero-IH)eT24pF/34pF capacitance glves
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Fig. 6 (a) GSM and UMTS STFs Hriltering ADC STF (high gain and low gain mode).
(b) GSM and UMTS E-Filtering ADC dynamic range (high gain and low gain mode)

an estimated value of about 1.6pF parasitic tomguipthat has to be carefully considered for the
operational amplifier design, together with thedlb® high G value. The second and the third

stage are scaled according to an estimated powsungtion/noise trade off. All the values are
shown single-ended in the table (Figure 5.a).

The GSM receiver signal transfer functions aregiin Figure 6.a (notice the 1.4MHz cut-
off). The simulated corresponding dynamic rangefile® are instead plotted in Figure 6.b.
Noise simulation shows that 2dB receiver noiserBgand 89dB in-band dynamic range can be
obtained for the given high-gain sizing. The lovingdynamic range increases to 96 dB (always
in-band) because of the 9.5dB gain reduction aBdB2more base-band noise. The BB analog
noise is contributed as follow:; 5%, operational amplifier 25% (assuming @0@quivalent
noise input resistance), DACs 6% and others (@eorsd stage contributions) 4%. Noise results
well agree (inside 0.5dB error) with the formulasyded in Chapter 2, onceshs given as
explained in Chapter 5.

The complete noise summary, for each standardisegiyen in Figure 7.a. Here not only the
noise contributions (in percentage) of all the isest are provided, but also the quantization
noise estimations and the jitter E-Filtering ADCigeoevaluations. For this latter case, the
achieved numbers rely (see Appendix Il) on the phemse specification assumed for the ADC
clock. Reasonable phase noise profiles are comsid@igure 8, gray curve). Such numbers in
fact are expected not to require huge power consamm the PLL to be realized. They were
taken from an existing integrated prototype). Qization noise is almost negligible, since a
high oversampling ratio is chosen. The jitter cogriirom the quantization noise is also always
below 1%. The jitter due to the phase noise sksrisnportant in the presence of high power
interferers, as expected. The E-Filtering ADC dbutes for about the 10% in all the cases. Its
contribution grows up to 33% in low-gain mode. Epicéor the test named “sensitivity” the
noise contribution of a class-A DAC was computedewaaluation simplicity. The noise figure
varies between 1.9dB and 2.1dB in high-gain modiB (Bequired), while reaching 3.3dB in
low-gain mode. The potentiality of the class-B DA@s evaluated for the “sensitivity” test,
showing further 0.2dB improvement. The correspog@hR (required 5dB) is also plotted.
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(a) [INPUT GAIN |NOISE NF | SNR
test name signal | interferer Gain
ref interferer | -82 -41@400k | low 0.05 | 0.62 | 3.22 | 46.57| 14.01| 2.85| 32.66| 3.32| 28.2
CW in band -99 -43@600k | high | 0.01 0.11 ] 0.75 | 64.35] 19.36| 4.06 | 11.36 | 1.91[14.09
CW in band -99 -33@1.6M | high | 0.01 0.10 | 4.89 | 61.67| 18.55| 3.89 | 10.88| 2.10| 13.9
CW.in band -99 | -23@3M high | 0.01 0.11 | 4.35[ 62.02]| 18.66| 3.91 | 10.95] 2.07 | 13.93
IM3 -99 -43@800k | high | 0.01 0.11 ] 0.78 | 64.33[ 19.36| 4.06 | 11.35] 1.92|14.09

-99 -43@1.6M | high | 0.01 0.11 | 0.51 [ 64.51| 1941 4.07 | 11.39] 19 | 141

AM suppress| -99 | -31@6M high | 0.01 0.11 ] 0.04 [ 64.81| 19.5 | 4.09 | 11.44] 1.88|14.12

ref interferer_1 -82 -73@200k | high 0.01 0.11 0 64.84| 19.51| 4.09 | 11.44]| 1.88| 31.1

sensitivity | -108 | null high | 0.01 [ 0.11 0 66.14| 19.9 [ 4.17 [ 9.67

ES R B B R = S

s § £ § 2 8 2

§ § 3 = % &£ %
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(b) | INPUT GAIN|NOISE NF_| SNR
test name signal | interferer Gain

adj1 -66| -25@5M low [3.88 | 1.69 | 13.28 | 34.27[ 10.25)| 2.49 | 34.14| 4.65] 33.07
IM3 1 -104| -46@10M | high | 1.68 | 0.73 0 [5939[17.84) 4.34 16 | 2.26|-2.43
-104| -46@20M | high | 1.68 | 0.73 0 [5940([17.85] 4.34 | 16.01 2.26|-2.43
IM3 2 -97| -46@3.5M | high | 1.67 | 0.73 0.62 | 59.03| 17.73| 4.31 | 15.91| 2.29| 4.54
-97| -46@5.9M | high | 168 | 0.73 0.08 | 59.35) 17.83| 4.33 16 | 2.27| 4.57
transmitter -107| -22@45M | high [1.68 | 0.73 001 59.39| 17.84| 4.34 16 | 2.26|-5.76
narrow band -95| -55@2.7M | high | 1.68 | 0.73 0.06 | 59.36 [ 17.83] 4.33 16 | 2.27] 6.57
adj2 -104| -56@10M [ high [1.68 | 0.73 0 [5940[17.85] 4.34 | 16.01| 2.26|-2.43
adj3 -104| -44@15M [ high [1.68 | 0.73 59.40| 17.85| 4.34 | 16.01| 2.26|-2.43

adj4 -104| -44@25M [ high [ 1.68 | 0.73 0 [5940([17.85] 4.34 | 16.01

sensitivity -107| -22@45M | high [1.78 | 0.77 0 [6269]18.84]| 4.58 | 11.35

N e EN ® ® ® ®

5 5§ £ 3 = 3 B

g § @ = - & g

§ 5 £ it
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Fig. 7 (a) GSM and (b) UMTS complete noise summareach main standard test is shown)

The chip area is expected to be dominated by thet icapacitance Gand by the feedback
capacitance £ Exploiting partial differential implementation rfaC;, a total capacitance of
230pF is given on-chip. The estimated power consiompf the E-Filtering ADC is 5mA (I+Q
paths) with a voltage supply of 1.8V.

B. UMTS case

The UMTS sizing, decided after system level optatian of the E-Filtering ADC
performance, and following the same general corafidms as reported for the DTT Filtering
ADC sizing in Chapter 3 (section 3.3.A), is repdrie Figure 5.b. The base-band can work in
high-gain mode or in low-gain mode. The high-gan#4dB (from the front-end input). This
corresponds to the 50mS LNT gain, -7dB passive mikess and 7.2 base-band
transimpedance. In low gain mode the gain is redlbbye6dB, acting on the base-band only. To
get such an equivalent transimpedance high-gaenDIRC full-scale current is set to 140pA
(280uS equivalent DAC transconductance). The cloeuency is 256MHz, to get enough
gquantization noise compression using only a secoddr wide-band internal ADC (without
notch). The number of internal ADC levels is dedidee same as for the GSM case using also
the same stability constraints. Considering theavaband E-Filtering ADC core, 340pF are
chosen for the capacitance &d 10@ for the input resistance. This provides abou® H@put
impedance at the edge of the signal band of irt¢te8MHz). The 17pF/24pF capacitance C
gives an estimated value of about 1.1pF parasitground. The second and the third stage are
scaled according to an estimated power consumpiiise trade off. All the values are shown
single-ended in the table (Figure 5.b).

The UMTS receiver signal transfer functions areegiin Figure 6.a (Notice the 3.4MHz
cut-off). The simulated corresponding dynamic rangee instead plotted in Figure 6.b. Noise
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Fig. 8 GSM (64MHz clock, gray) and UMTS (256MHz clok, black) internal ADC clock phase
noise profiles

simulation shows that 2.2dB receiver noise figune 80dB in-band dynamic range can be
obtained for the given high gain sizing. The lovingdynamic range increases to 85dB (always
in-band) because of the 6dB gain reduction and fuBe base-band noise. The BB analog
noise is contributed as follows; R5%, operational amplifier 35% (assuming @0&quivalent
noise input resistance), quantization 18%, DACsabb others (i.e. second stage contributions)
6%. Also in this case noise results were seen tib aggee with the formulas provided in
Chapter 2.

The complete noise summary, for each standard igegiiven in Figure 7.b. Quantization
noise is below 2% in high gain mode and reaches®n low gain is switched on. The jitter
coming from the quantization noise is also alwagkw 2%. The jitter due to the phase noise
skirts is important in the presence of high poweerferers, as expected, and especially in the
adjacent channel test, since the high power bloekalso not far from the band of interest (the
clock phase noise profile is given in Figure 8cklaurve). The E-Filtering ADC contributes for
about the 15% in all the cases. Its contributioowgr up to 34% in low-gain mode. As for the
GSM analysis, except for the test named “sengjtithe noise contribution of a class-A DAC
was computed for evaluation simplicity. The noiggufe is about 2.2dB 2.3dB in high gain
mode (2.2dB required), while reaching 4.6dB in lgain mode. The potentiality of the class-B
DAC was evaluated for the “sensitivity” test, whighsimply the “transmitter” test when the
class-B DAC is used, showing further 0.25dB improeat. The corresponding SNR (required -
5.5dB) is also plotted.

The chip area is expected to be dominated by that icapacitance {Gand by the feedback
capacitance £ Exploiting partial differential implementation rfcC;, a total capacitance of
255pF is given on-chip. The estimated power consioampf the converter is still 5mA (I+Q
paths, 1.8V voltage supply).

C. Conclusions on the GSM-UMTS simulation results

The presented work and the simulation results destrshow that the E-Filtering ADC
(Chapter 2) is a low-power candidate suitable tplament the base-band analog section of a
cellular receiver. All the test-cases were passéd margin (SNRSNR required). All the
benefits of the Filtering ADC are exploited, andalidénging dynamic range is also achieved
embedding the architecture without damping (E-Riig ADC), some VGA action and class-B
DAC proposal. Of course the reported system araby@nes from simulations and evaluations.
In this latter case, however (i.e. for the quantitranoise and the jitter analysis) some worst-
case margin was considered. The two GSM and UMT8iver chains, sharing the same RF
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Fia. 9 The Rauch based receiver cha
section, could be merged in a single reconfigurablee-band. To give an idea of the quality of
the achieved result, the FoM of the E-Filtering AD®valuated for the GSM (3MHz) and the
UMTS (5MHz) case, is 160fJ/conv-step and 80fJ/csi@p respectively.

4.4 Continuous time equivalent E-Filtering ADC Rauchfilter

In the previous chapter it was shown through sitiaria that E-Filtering ADC based analog
to digital base-band is able to satisfy the stimigequirements of cellular receiver applications.
This was obtained first assuming a given RF secaod then modeling and simulating the E-
Filtering ADC architecture of Chapter 2. This sett@tep, in order to be evolved into a silicon
design, requires the handling of the analog totaighterface of the receiver, which in turn
demands digital design skills, tools (i.e. simuaattools, standard cells, layout tools) and time.
It was explained in Chapter 2 that the Rauch fittiguad can be seen as the continuous time
equivalent of an E-Filtering ADC. The Rauch filteas also used in section 2 as a suitable base-
band to perform a comparison with the E-Filterin@@ performance. The result of the
comparison was that the E-Filtering ADC could rebebt performance than the Rauch cell, at
the same time implementing the same selectivitgtfanality and the same impedances level
(area) and power consumption. Furthermore, it veast@d out that the first stage of a complete
Filtering ADC architecture is expected to dominatgh non-linearity and noise performance,
while deciding most of the power consumption of twerall ADC. In this sense, the Rauch
biquad is the solution and architecture which piesi the closest overall performance with
respect to the E-Filtering ADC converter, and saplementation in a silicon prototype can
be seen as an intermediate step in the E-FilteXID§ realization, and can be used for useful
noise, power consumption and non-linearity measergs

In the following, the design of a Rauch biquadefilfor GSM and UMTS applications, in a
reconfigurable multi-standard approach, is shovirstFa glance at the overall receiver chain is
given. Then the Rauch biquad design (i.e. sizinghef passives and operational amplifier
design) is given. Finally the 40nm prototype issemred together with system simulations and
measurement results.

61



Chapter 4

GSM UMTS
Gain 47.5/41.5 45/39
,Q  [1.4MHz,0.78 [3.2MHz,0.71
R [Q] 7k/3.5k | 3.5k/1.75k
Rix 3500 1500
Rx 9000 3000
Rauch Rux || Rx 250Q 100Q
biquad Crse 18pF 18pF
Cio 168pF 168pF
C,[F] 20p/28p 20p/28p

Fig. 10 GSM and UMTS base-band sizing

A. The GSM-UMTS receiver chain

The overall architecture of the receiver chainejgarted in Figure 9 [42]. The system is the
same as the one already studied in sections 3,1#3tRe E-Filtering ADC base-band is
substituted with a Rauch biquad. In the silicontqngpe two different RF sections (i.e. two
different low noise transconductors) and mixersreha single reconfigurable GSM-UMTS
quadrature base-band. A SAW less application isatget for the GSM chain.

The RF gm stage is implemented in one case (GSkh) avsingle ended input, while in the
second case (UMTS) with differential input. A trioisner-based blocker resilient active fully
differential common gate topology core is exploitedoth cases [42]. The equivalent gmof
the two architectures was simulated in 35mS and $i6or the GSM and UMTS case
respectively. The output impedance was estimateabut 1.5R resistive contribution and
<250fF capacitive one (including 100fF parasitianong from the mixer switches and 80fF
from the 2pF AC coupling capacitance).

The mixer is a passive one operated in current mble switches are NMOS to implement
about 2@ of on-resistance when driven with a 25% duty-c\@@mV amplitude square wave
LO signal. The down-conversion stage includes afstC tank resonating at four times the LO
frequency (4f,) in series with the base-band input. Up-converting down-converting, at the
LNT output node, the high impedance of the tanBfagd and 5fo, this creates a notch in the
receiver transfer function around the RF sigri&laBd %' harmonic. This improves harmonic
rejection, which is crucial in a SAW-less applicati As a secondary benefit, this also reduces
the LNA and transformer noise folding, improving tleceiver noise-figure.

A low-power divider is also integrated to genertite 25% duty cycle LO phases a,f
starting from a 2f external clock reference [42].

B. Rauch base-band sizing

The base-band was sized following the general gueeof the section 3.3 (and the general
Filtering ADC guidelines of Chapter 2, section 8)3.The values of the capacitances were
decided equal between GSM and UMTS case in ordegetoa more uniform design.
Furthermore, this simplifies the possibility toroduce an open-loop three bits reconfigurability
on the capacitances, in the direction of embeddirfgture calibration action. The sizing is
reported in Figure 10. In the first line the entiezeiver gain is provided. It was maintained
almost not-changed from the system level E-Filgg®DC analysis. A Butterworth biquad was
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Fig. 11 Operational amplifier simplified architecture

designed for the UMTS case, while a Q slightly leigthan a Butterworth one was chosen for
the GSM case. Remember that the Q value is dependehe driving impedance (Chapter 2).
The effect of the passive mixer interface (see @hap) is also to give an asymmetry in the
signal transfer function, thus modifying the cut-séquency and the quality factor, which also
becomes difficult to be defined in a complex tran$finction environment.

The large value of the input capacitange<Cexpected to dominate the prototype base-band
area, considering that the reported value increafsttge 25% with calibration. Also in this case
a two gain base-band configuration is used, witB §din difference. The VGA action was
implemented the same way as for the E-Filtering AD8e feedback capacitance is 20pF in
high gain mode and 28pF in low-gain mode. Thesenatesmall values, and give also about
1.5pF of parasitic to ground. The consequenceaisttie operational amplifier output is loaded
in a not-negligible way.

C. Operational amplifier architecture

The operational amplifier is the core of the baaeeb This is true for both the E-Filtering
ADC and for the equivalent Rauch bigquad. The inppérational amplifier determines the
power consumption of the Rauch and represents th@rntontribution for the converter
implementation. It also decides the non-linearigyfprmance of the base-band (this would be
true also for the E-Filtering ADC assuming a cortgdielinear DAC), and contributes in a non-
negligible way to the base-band noise.

Considering non-linearity, the best base-band pmidoace can be achieved increasing the
operational amplifier open-loop gain at the frequeaf the signal to be processed. In fact the
higher is the operational amplifier gain, the sewails the swing at the virtual ground node (i.e. a
better virtual ground is achieved). This reducesdhaneration of non-linear terms, for a given
output swing, thus improving the base-band lingarccording to this, a three-stages
operational amplifier with feed-forward compensatits chosen [31]. The feed-forward
compensation (used also for the operational arepliff the Filtering ADC presented in Chapter
3) consumes some bias current in order to incrégsepen-loop gain slope of the operational
amplifier from the traditional -20dB/decade to -Bddecade. The consequence is that the
virtual ground effect is improved in the range @quencies of the application blockers (which
are the responsibles of intermodulation non-lireféects).

Considering noise, it was shown in section 3.3.&i8 a 10@ equivalent noise resistance
contributed the 25% of the total base-band noisthenGSM case and the 35% in the UMTS
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Fig. 12 Operational amplifier detailed architecture

one. The 10Q value is assumed as a noise design referencece\tbat it is not completely fair
to model the operational amplifier noise perforneandith a white noise source only, the flicker
term has also to be considered, especially inecdoonversion environment.

The operational amplifier simplified architectuie given in Figure 11. The main path is
implemented by a input complementary gm stage (gmjch defines the noise floor of the
entire block, a transimpedance amplifier basedhertapology proposed by P. W. Li et al. [43],
but operating the driving from the source of trensistors (in current mode), and a second gm
stage (gm2), which feeds current to the floatintydrp [44-46]. The feed-forward path is given
conceptually by a simple gm stage (gm1ff), whicmsuts current with the one of the main
path. The floating battery stage drives the pudhgtass-AB inverter-based output stage. This
latter section is compensated introducing a dontipale (dominant pole 2) in the architecture.

The compensation for the stability works as followke main path has more gain than the
feed-forward (auxiliary) one, but less bandwidth€do the dominant pole 1, Figure 11). In this
way, at low frequency, the parallel gain of the tpaths is dominated by the main path gain,
and sees a -40dB/decade slope (dominant pole 2 apeérate). At a given frequency the gain
of the main path becomes less than the gain cduk#iary, due to the dominant pole 1, and the
wide-band gain of the feed-forward path determime20dB/decade slope (dominant pole 2 is
always working). In this way a zero is introduced the overall gain, and the theory of
conditioned stability is approached. According hies tthe open loop gain could also be higher
than one, and with 180 phase shift, but oscillaisomot generated, since Nyquist theorem is still
respected (no encircling of the open loop gain adotine -1 point in the complex plane). The
dominant pole 2 is actually not implemented usihg traditional Miller compensation
technique, but using an Ahuja compensation modg {d&void the problem of the right plane
zero and to save some current consumption in tmirtg of the output stage.
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Current [mA] %
gm1 0.6 33%
transimpedance| 0.16 8.8%
gm1ff 0.24 13.2%
Floating battery 0.3 16.4%
output 0.36 19.8%
CMFB+bias 0.16 8.8%
Total 1.82
Total (I+Q) 3.64

Fig. 13 Current consumption of the operational amgfier stages

Figure 12 shows, without the bias section, the detapperational amplifier schematic. The
gml stage is implemented with a PMOS-NMOS architectin this way PMOS and NMOS
input differential pairs work in parallel to incsaby a factor 2 the input gm with respect to an
NMOS (PMOS) only implementation. Consider that fingt stage (gm1) uses about the 33% of
the power consumption of the operational amplifeand the another 33% would have been
required to get the same noise performance usiragaional implementation.

In the transimpedance stage the input current apnfiom gml is brought to a high
impedance load through PMOS and NMOS common gaterdubuffers. The gain is decided
by choosing the value of the differential resistaR). Such a resistance is seen in differential
mode, while in common mode the 1/gm of the traosisbnnected to the voltage supply is seen.
The high-impedance node is loaded with the capsm#taC, in order to set the first dominant
pole of the architecture. The transimpedance stegesumes the 8.8% of the power
consumption. The gm2 stage is simply implementeth wommon source transistors. The
gmlff stage is a scaled replica of gm1, consumeg&.8% of the total power consumption in
its core (differential input pairs) and 4.4% in kaffer stage. The output current of gm2 and
gmlff is summed at the source of MXp and MXn, which as cascodes. In this way both MXp
and MXn (which are crucial for the Ahuja compenzaliand the floating battery re-use the bias
current of gm2, gm1ff and of the common-mode-feelllmautput stages. As a consequence their
small signal gm is increased. The Ahuja compengatapacitance Lis closed at this node.
PMOS and NMOS currents are summed into the flodbatgery, which drives the push-pull
output stage, and consumes the 16.4% of the tote¢rt. The output stage is a simple CMOS
inverter, driven by the floating battery, consumibg.8% of the total current. The common
mode feedback uses the architecture proposed byabsg et al. [48]. The amplifier has 4
current outputs and consumes a negligible curiess (than 3%). The bias section consumes
6% of the total. The current consumptions of tlages are reported in Figure 13. The voltage
supply is 1.8V.

The high power consumption of the floating battaryd of the output stage are mostly
required by a stability constraint. The output stégbiased with 180pA (single ended), while
dynamically about 600 A of interferer current hawebe handled by the operational amplifier
during the most critical test. In this sense anreggive class AB operating mode is not
implemented. A reduction of the 180 A bias, howeigenot possible due to the need to ensure
safe margins to avoid the oscillation of the citcui

The output node of the operational amplifier isded with the parasitic of the feedback
capacitance £and, at high frequency, with the parasitic of thput transistors of the gml
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Fig. 14 Operational amplifier differential stability analysis

stage, which is seen through the Rauch feedbaekoniet This latter is not always negligible;
on the contrary it can be the most contributiozeno-IF low frequency applications, when the
input transistors have to be very large in ordeloteer the flicker noise. Actually, the series
between gand the input parasitic is seen, so that alsgadlue of G, even if assuming fixed
parasitics, goes in the direction to increase thgpuw load. The main consequence of a big
capacitive load is that a high output current guieed to push the non-dominant pole (which
mainly depends on the output capacitance) suffilgidar from the loop unity gain frequency f
of the network.

The stability analysis is performed as indicatedFigure 14 for the differential case
(Vou/Vies)- The mixer is modeled with simple resistancesnested to ground (see also Chapter
5). G is the input capacitance of the operational aneplthat is reported at the output node of
the loop for the analysis. The main effect of teedback network is to introduce a two-
poles/two-zeros transfer function in cascade todperational amplifier forward open loop
transfer function. This increases the phase shifthe open loop transfer function at low-
frequency, approaching 150 degrees at about 1Métzegponding gain >50dB). However, due
to the zeros, the phase shift returns to a safeevat the unity gain frequency. The loop is
designed to have more than 90MHz bandwidth in ladl working conditions (GSM/UMTS,
high/low gain, calibration) with >65 degrees phasgin and >14dB gain margin. The -40/-20
dB per decade dual slope approach gives the plitysioi achieve 40dB open loop gain at
2MHz (i.e. the edge of the UMTS signal band) andB'at 200kHz (i.e. the edge of the GSM
low-IF one). Notice that considering only the opieraal amplifier gain, these values are
significantly higher (90dB and 62dB respectively).

The Ahuja loop stability is then carefully consieér The model of the Ahuja compensation
is shown in Figure 15. The open loop analysis carpérformed by switching offi\l and
opening the loop at the gate of MOn. The three saddhe loop (A, B, C) are highlighted in
the Figure. Gmodels the entire parasitic capacitance due to Ei2hMXn at the node C.

The Ahuja loop has a DC zero (due tg) @nd three poles. The first is associated to the
output node (A), the second is associated to theceamf MXn (B), and the third is associated
to the drain of MXn (C). In a traditional implemation (e.g. audio operational amplifiers) i€
big (MOn is big to drive a small load resistancgodf). Due to this, the pole associated to the
node C is the dominant one together with the oupmi¢ (associated to A), while the pole
associated to B is the non-dominant ong={/(2t)-gmuxn/Ca). In closed loop, i.e. when the
amplifier transfer function Vout{ is considered, the non-dominant pole of the netwierk
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Fig. 15 Ahuja compensation technique. Simplified mael (gm2 and output stage)

placed at a frequencydi=1/(2r)-gmout/CoutCa/Cp. This is the frequency of the non-dominant
pole, if Miller compensation were used, moved bgcior G/Cp>1.

In the Rauch operational amplifier desigp i€ small since small transistors are used at the
output stage. For this reason the pole associatétetnode C is no longer the dominant one of
the loop, but operates as non-dominant. Vice-véhgapole associated to B depends no longer
on the conductance g, but on gdgx, and this lowers its frequencyg=1/(21)-gdSuxn/Ca).

The reason for this is that the drain of MXn tendshis case to an high impedance (no longer
to a low impedance), and so the impedance,gdénstead of gmix,) is seen from the MXn
source. Under this condition, the factor that pgsaehigh frequency the output pole of the
closed loop network is no longen/Cep, but gnux/gds.x (still>1), and so corresponds to the
intrinsic DC gain of the cascode transistor MXpc(E1/(21)-gmout/Cout gMux/gdsux). The
stability of the Ahuja loop is ensured in the Raggsign with more than 80 degrees of phase
margin.

The operational amplifier is analyzed also withpeg to the stability of the common-mode
feedback. Finally, closed the common-mode feedhtiekcommon-mode stability of the Rauch
architecture is evaluated. In this latter casedpen loop gain is designed not to go above the
0dB level in the whole range of frequencies. Tkigchieved connecting some compensation
capacitance of the dominant pole 1 (Figure 11ytoigd, and not only in differential mode.

Due to the complexity of the entire architectures stability behavior is finally confirmed
through transient simulations, evaluating alsopitesence of a correct start-up phase.

Only one external reference current is used to thiasvhole operational amplifier together
with a voltage reference for the transimpedancgestall the other bias voltages are generated
internally using current mirrors and diode-connddtansistors.

In the following some numbers are given to undestthe operational amplifier design,
especially when considering the noise constrampufi stage) and the stability issue (output
one).

The equivalent noise resistance of the operatiamgdlifier simulated at the system level for
the E-Filtering ADC based chain was fB0This value is maintained for the Rauch design. It
corresponds to 6mS small signal transconductancgnaf (single ended) if & factor
approaching 0.6 is considered for the transistorkimg in under-threshold region. Assuming
some margin, to take into account the active Idath® transimpedance stage, and the flicker
noise, 10mS are designed (i.e. 5mS for the PMOS S8 for the NMOS). At 40nm
technology this small signal transconductance camlitained in under-threshold mode with
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(a) Low-IF Zero-IF (b) Zero-IF

PORT 50.7% 47.5% PORT 65.4%

LNA 38.5% 36.9% LNA 26%

Mixers 4% 4% Mixers 2.9%

i OTA fn 2% 6.8% OTAid 1.65%

Rauch base- H

band i OTAid 0.8% 0.8% i OTAfn 0.3%

; R 3.5% 3.5% R 3.3%

Base-band 6.8% 11.6% Base-band 5.7%

NF 2.95 3.25 NF 1.84

Fig. 16 (a) GSM and (b) UMTS simulated noise summar

0.3mA current supply, so that 0.6mA of total cutresre given for the differential
implementation of the input stage.

The total capacitance loading the output node gt Fiequency is estimated in about 12pF
(9pF is the parasitic capacitance:)Gf the input stage, 3.5pF are the parasitic ofright and
left side, considering calibration) and 2.5pF aleeh as estimation of the pad and of the off-
chip capacitance). With this load, 15mS equivatmriput stage small signal transconductance
would be required to push the non-dominant poke faéquency of about 2 times the netwark f
target (200MHz), if Miller compensation were usédis would ensure 60 degrees phase
margin, assuming a single non-dominant pole arctite. The required current bias would be
0.5mA (1mA differential) for the output inverteithus increasing of almost the 40% the total
power consumption with respect to the designedu(asgy gm/bran=15 for the output
transistors). The Ahuja compensation techniquedoded to limit the output stage current to
0.175mA (0.35mA differential) for >65 degrees phasagin.

D. Rauch base-band noise and non-linearity simulations

Some simulation results are now provided sinceai wot possible during measurements to
directly drive the base-band from its input nodeg,only from the receiver RF inputs.

The simulated gain of the entire receiver is 47.5dBthe GSM case and 45dB for the
UMTS case. The corresponding noise summary is givétfigure 16 for both the GSM (a) and
UMTS (b) case. The %D port noise is also given. In the GSM case the lIBvsummary
integrates the noise between 1kHz and 199kHz. Blse-band (I and Q) contributes almost the
7% of the overall noise. 2% is due to the flickeise of the operational amplifier input pairs,
while 0.8% is due to its thermal one. The resistai represents the base-band major
contribution with 3.5%. When the base-band noisgéopmance is integrated in zero-IF band
(10Hz-100kHz) the flicker contribution increasedhie 7%, to give a total base-band noise that
is almost the 12% of the total. In the two cas@dB and 3.25dB noise figures are obtained.
The zero-IF UMTS band is considered between 1kHiz1a82MHz. The receiver noise figure is
1.84dB, while the base-band noise (in this casdlitier contribution is of course minimum) is
below 6%. I/Q noise crosstalk is explained in Chapt

Base-band non-linearity was simulated driving tiegle base-band (I or Q path) with
current sinusoidal tones. The GSM IM3 test wasgeeréd in high-gain mode using 35uA (-
43dBm at the RF input, as specified by the star)d#trd.8MHz and 1.7MHz. The input referred
3 order current intermodulation (IM3) is equal t@®A at 100kHz, thus showing an IM3
about 100dB smaller than the input tones and dbimore than 50dB signal to distortion
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Fig. 17 Rauch prototype. Entire receiver

ratio for the equivalent test. A non-linearity UMTH®3 was simulated modeling the adjacent
channel power with two sinusoidal signals of 400purent at 3.5MHz and 6MHz (-25dBm at
RF). In such a critical condition the UMTS low-gaitode was exploited. The input referrédl 3
order current intermodulation (IM3) is 6nA at 1IMHhus showing an IM3 more than 90dB
smaller than the input tones and obtaining mora 8@aB signal to distortion ratio for the test.

Simulating the base-band in the entire chain (aigimplified transconductor LNT stage but
with quadrature architecture and real mixers) iswghown that equivalent interferer output
tones, with however higher IM3 results, were achiein both the standards. This ensured that
the base-band is not degrading the non-linearitiopaance of the overall chain.

4.5 The Rauch prototype

The silicon prototype of the receivers (i.e. GSMdadMTS front end with a single
reconfigurable Rauch base-band) was fabricateimm4CMOS technology and is depicted in
Figure 17. The base-band occupies an active arabooft 0.6mrh About 70% of the base-band
area is due to the input capacitange While about 15% is due to the feedback capacdisanc
The remaining 15% is mainly due to the operatioaaiplifier core (8% of it are the
compensation capacitances).

The measurement results were performed for theeerdteiver only. The board that gives
the possibility to directly measure the base-bandurrently under design and fabrication. The
GSM/UMTS receiver signal transfer functions areorggd in Figure 18.a and 18.b respectively,
for high-gain and low-gain mode, if the base-baswbnfigurable bits are moved from the “000”
configuration to the “111” one (“100” corresponds the nominal sizing). The frequency
selectivity is of course only due to the base-bamile the complex asymmetry is due to the
passive mixer interface (Chapter 5). The transfercions are normalized to the high-gain.
Notice how it is no more possible to define, intsaccomplex environment, a cut-off frequency
and a quality factor for the biquad. The -40dB/dkecalope is instead still present. The base-
band selectivity is able to filter the 0dBm GSM eirierer at 20MHz frequency by
34.5dB/40.5dB (depending on the calibration), teasuring a blocker resilient base-band. The
UMTS adjacent channel is filtered by 6.2/12.2dB.
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Fig. 18 Receiver signal transfer functions (a) GSMb) UMTS. High-gain and low-gain mode
normalized to high-gain one

Other measurement results are reported in FigureTi® in-band (RF band) gain for the
GSM and UMTS receivers is the same (45dB). At énater frequency of 2.2GHz for the GSM
and 2GHz for the UMTS minimum receiver noise figuf 3.8dB and 1.8dB are obtained
respectively. This is true only when the LC tankstpmixer resonates at the correctoAf
frequency (it can be in fact tuned). The report&&@Bnoise figure values are considered at a
single IF frequency (100kHz) and the noise figueefgrmance should be instead integrated in
all the desired signal band, obtaining slightly seorresults due to flicker noise effects.
Moreover, the base-band noise should also growoapping the cut-off frequency due to the
high pass base-band noise shaping (Chapter 2)eWhiel UMTS noise figure fits acceptably
well with the simulations, the GSM noise figure 1&IB far from the simulated. In
correspondence to this, however, 2dB less gairb@bversus 47.5dB) were also measured,
due probably to a misalignment of a resonant sectfidghe LNT or to a third coil gain loss [42].
According to this the noise figure is reasonablgrdded by the gain loss, and not through
intrinsic bad base-band noise estimation.

A comparison with the state of the art is also med in [42] to confirm how the proposed
receiver architecture, thanks also to the Raucteddsitering base-band, is able to be
competitive with existing solutions. In this sertbe Rauch (and in consequence of this its
equivalent and also better E-Filtering ADC realma} can be seen as a further step, with
respect to the other receiver solutions reporteltitenature, in the direction of improving the
cellular receiver immunity to out-of-band blockeFhe Rauch base-band gives to the receiver
the possibility to perform all measurements witlBfdinterferers at only 20MHz offset from
the desired signal. If the comparison with narramd solutions is pointed out [2-3], the
proposed receiver uses a fraction of the area amgipto get better linearity and harmonic
rejection with comparable noise. The Rauch baseeliver reaches overall better performance
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Main Parameters Performance GSM/UMTS
Standard GSM/UMTS NF (@ max gain 3.8/1.9dB
Supply Voltages 1.2-1.8 max gain 45.5/45.5dB
Channel Bandwidth 0.2/1.92MHz LNA+Mixer+BB Power 24/24mW
Technology 40nm CMOS LO Power 6/6mW (@ 2GHz
Active Area 0.84/0.74mm’ ITP2 (@ max gain 64/66dBm
IIP3 @ max gain 18/16dBm

Fig. 19 GSM-UMTS Rauch based receiver chain measurent result summary

than [49], which is presented by the authors asxample of software defined radio oriented
receiver design. Compared with the best wide-bandiver proposed by Murphy et al. [50], the
chain has a worse noise but better linearity, haioejection and area. In addition the power
consumption is 20% less.
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Chapter 5

BB/RF interface: a switched capacitor
current driven passive mixer model

In this chapter the interface between the RF section and
the base-band, in a wireless receiver, is discussed.
Current driven active and passive mixers are shown
(5.1). Snce the state of the art is moving towards the use
of the passive solution, this latter is addressed in detail,
focusing on the base-band equivalent driving impedance
issue (5.2). A switched capacitor model able to explain
both gain and noise performance of a current passive
mixer based receiver is proposed. The verification of the
model is given for a Rauch based base-band (5.3).

5.1 The BB/RF interface

A single down-conversion mixer represents nowadaystate of the art of CMOS wireless
receivers, the only intermediate stage betweeREheection and the low/zero-IF base-band one
(direct conversion). The evolution of technologgmplexity and design skills has the goal to
move the analog to digital interface as close asipte to the antenna, and so also before the
mixer. However, RF sampling in the digital domairould require unacceptable power
consumption to be performed. For this reason tts¢ diown-conversion stage is still until now
in the field of the analog processing.

Two possible mixer implementations exist [51]. Omedhand the active solution, on the
other the passive one. Even if both are basedansistors switching on and off, in the first case
the on condition of a switch (MOS transistor) cepends to the saturation region, in the latter
to the triode one. This gives many differencehmltehavior of the down-conversion stages.

Even if active mixer theory is well known and colidated in literature, active mixers have
a minimum use in the state of the art of wirelesseivers. Passive mixer based zero-IF
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receivers, instead, are becoming the solution ofcehin the last years, even if their theory is
not complete, or at least it is not always intutiVor this reason, in the following, only the
passive solution is tackled in detail, while théiacone is only addressed briefly. The main
purpose of the analysis is not to explain mixeptiiebut to evaluate how the BB/RF interface
affects the receiver behavior, i.e. which is thelieajent driving provided by the down-
conversion stage to the base-band and how thistaffi@se-band transfer functions (both for the
signal and for the noise).

A. The active mixer interface

The active mixer main implementation is the Gilbzsli. The mixer switches, driven by the
LO signals, act as current switches, leading theeati at the positive or at the negative output.
When a switch is in on-state, it is biased to wiorkhe saturation region, since the DC bias
current is switched together with the RF signabrirthis point of view the output impedance of
the mixer can be very high, since the on-switchesking with intrinsic gm/gds gain, create a
shield between the RF section that drives the bwitc mixer pairs and the mixer output.
Assuming not to consider overlap or disoverlaph@ LO phases, so an ideal LO signal with
50% duty-cycle, it can be assumed that the outppiedance of the mixer stage is that of a
cascoded stage, since at any time a switch is ctevhé¢o the output nodes implementing a
cascode configuration. More probably, due to lichiteltage swing, it is not possible to cascode
the active mixer load, and this dominates the duipywedance. This was the case for the
harmonic rejection mixer used in the DTT tuner préed in Chapter 3.

Due to these reasons, modeling the active mixarsasple resistance grdriving the base-
band is correct. This was done during the DTT Hmsed design. As shownsRnodifies the
base-band signal transfer functiop, ® and gain for the Filtering ADC and Q only foetE-
Filtering ADC) and has to be taken into account ithte noise evaluations. Corresponding the
Rs value to the gds of a transistor, eventually witiscode stage, values ¥ikan be obtained
also in scaled technologies. About Zb5kere simulated for the DTT mixer (90nm).

B. The passive mixer interface

In the passive mixer implementation, contrary te #ttive one, the mixer switches, driven
by the LO signals, work in on-state in the trioégion, since they do not have any DC bias
current [52]. In the field of wireless receivergspive mixers can be operated either in voltage
mode [53] or in current mode [54-56], dependingtba relative value of the RF and BB
impedance. They can also be used as mixer-firsivexs [57].

Passive mixers have become the solution of choigedent times for three main reasons:
the zero power consumption, intrinsic high lingafgspecially in current driven architectures)
and low-flicker noise (no DC bias). This has leadatlarge number of papers tackling mixer
issues, but most of the time a simple intuitiorgviting the possibility to get straightforward
hand design guidelines, is missing. A possiblearder this is that a passive mixer is not able
to shield the BB to the RF, and vice-versa (impedatmansformation property [54-57]). The
base-band driving impedance is not simply evaluatgednore in general, the receiver signal
transfer function (STF) is not correctly given. Mover the base-band noise is affected. These
issues are then complicated in the most used ¢asquadrature receiver.
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Since the current driven mixer topology is the nsisen in recent literature, and it is the
one of interest also for the current driven basedbeircuits proposed in Chapter 2, it will be
presented only in the following. The literature t@sproached the STF and the noise of a
passive current mode mixer from different pointsviw. The STF has been analyzed by
Mirzaei et al. providing the down-conversion gaarsus frequency (analyzing the architecture
from the RF side) through detailed circuit calcalas (50% duty-cycle) and up-conversion to
RF of the BB input impedance (25% duty-cycle) foonmuadrature and quadrature
architectures [54-56]. Notice that the down-conirgain indirectly provides the equivalent
driving impedance for the base-band, if the archites is analyzed from the BB point of view.
The BB noise in a current mode passive mixer basediver has been first studied in a
qualitatively way by Redmann White et al. usingrgtched-capacitor (SC) approach [52]. This
latter result however applies to non quadraturhigectures only.

In the next section a current driven passive miredel is presented. The approach is based
on an intuitive switched-capacitor analysis thativés the equivalent base-band driving
impedance looking from the BB point of view. TheFsdiriving impedance theory holds also
for voltage mixers, but not the noise one. To \akdthe analysis, a low-pass BB input
impedance, with a cut-off frequengytfelow the LO frequencyd, is assumed. The assumption
of a BB }{ at least one decade beforg, falmost always verified in a RX chain, ensuresieaie
fitting also for a simple first order filtering.

5.2 Intuitive current driven passive mixer model [58]

At point (A) the base-band equivalent driving impede displayed by a passive mixer
interface is evaluated for a 50% duty-cycle nondyature receiver. The analysis is extended to
the 25% duty-cycle case at point (B) for the STH am point (C) for the noise. Point (D)
confirms the mixer model by evaluating theory versimulations when an RLC parallel input
impedance base-band (e.g. the one implemented thtHRauch structure) is used. Chapter
Appendix |.A extends the results removing somehef simplifying assumptions of the model.
Chapter Appendix I.B shows how the model is ablexlain also the mixer switches noise.

A. 50% duty-cycle single chain equivalent BB drivingmpedance

For a single chain RX, both BB noise and mixer @otsin be studied using switched-
capacitor techniques if low switches on-resistaRggis assumed. It follows that the switched-
capacitor approach can be used as a general tf@ocyrrent driven passive mixers provided
that also the STF can be evaluated in the same way.

Figure 1 shows a fully differential implementatiafi a non-quadrature passive mixer
receiver. The switches are assumed ideal (kg=8 and the parasitic are embedded in the RF
and BB sections) andgg is the BB input impedance. The LO is assumed jdealing non-
overlapping 50% duty-cycle square-wave phases métiligible rise and fall times and enough
amplitude to turn-on the MOS transistors with goedrdrive. The LNT is modeled as a current
generator | rr (phasor at frequencyd in parallel with a capacitance (.
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Fig. 1 50% duty-cycle receiver: the 3 steps procede to get the switched capacitor model

Figure 1 shows the three step procedure used twedéme switched capacitor model
proposed in this section:

1) Separate the RF current generajgkd from the impedance Gr substituting the mixer
with two mixers in parallel driven by the same L&De connected taylre (Mixer A), the other
to Cnr (mixer B). This transformation does not modify tbiecuit since By=0 has been
assumed.

2) Down-convert L rr to BB via mixer A. The down-converted signal i tourrent
generator |\, gs (Figure 1) whose amplitude ai-f o is equal to (2)-lnrr Although Iygs
contains replicas of the RF signal around the L@mioaics, the voltage at BB is only
significant at &=f o since £ has a low pass shape with a cut-off frequency nietbw fo.

3) Replace mixer B with the equivalent impedaneandeoking into its output &). For a
50% duty-cycle, Z; can be evaluated using a classical switched-capaapproach and
corresponds to a SC resistanggf/(2CGnTfLo) [59].

The above model can also produce, given the baisé-triving impedancedg, the mixer
STF (performing a simple current partition of th@ah-converted current signal ks between
Req and Z;g) and the transfer functions of the BB noise sources.

B. 25% duty-cycle quadrature chain equivalent BB drivhg impedance for
the STF evaluation

The derivation of point (A) is extended to a quaud@ receiver chain with 25% duty-cycle
LO (Figure 2.a), making the same assumptions o60% duty-cycle case. A quadrature 50%
receiver is expected to get much worst performamekso it is not considered [54-55].

By using the same procedure of point (A), the RFenui generatony rr is down-converted
into two BB ones | gs, and |y gs o both with av2/r down-conversion gain (for a 25% duty-
cycle) but displaying a/2 relative phase difference (Figure 2.b).
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Fig. 2 (a) 25% duty cycle quadrature receiver (b)deal down-conversion of the RF signal in
guadrature base-band (c) Equivalent basé&and driving impedance calculation scheme
(d) Differential voltage at C yr in the impedance test and STF quadrature chain masl

The equivalent driving impedancegé seen from BB for the | (Q) path is computed as
reported in Figure 2.c. A test voltage phasgrig/placed at the | (Q) mixer output together with
a correlated one j¥(n/2 shifted) at the Q (I) mixer outputeds is then evaluated as the ratio
between the test generator voltage and the avetagent ) flowing through it.

Ix is obtained multiplying the charge absorbed byddgacitors during the different phases
of the LO period times the clock frequency. As mgd in Figure 2.d, capacitors &
alternatively sample the test signalg &d j\k. This implies that the charge absorbed by the
mixer every LO cycle is equal to (1-j}Z.nt giving the following driving impedance

1 _ @+p
(1-jCuntfro  2CintfLo’

Zgqs = 1)

Zegscorresponds to a complex resistance (i.e. theae@nplex relation between the current
and the voltage in the time domain). The real pames from the charge sampled byCn
the | path while the imaginary part comes from¢harge sampled in the Q path.

Figure 2.d depicts also the final model for th&) path. As for the 50% duty-cycle case,
given Zqs the STF is obtained from the partition of the devonverted current signak ks
between the driving and the BB impedance. The peesef a complex value element (resistor)
makes the STF a-symmetric around DC. This behaaptures the a-symmetry around the LO
of the RF transfer function (different gains foeduencies below and abovg)f already
reported in literature [55]. Such a complexds responsible for the asymmetric signal transfer
functions measured in Chapter 4 for the Rauch bessglver prototype. At point (D) a Rauch
based base-band is chosen to verify the accuradheofproposed theory versus simulation
results.
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Fig. 3 (a) Equivalent base-band driving impedanceatculation for Rsy#0 and finite Ryt
(b) Voltage V;’ across Gyt during the impedance test

The equivalent impedancegt for Rsy#0 and for a finite resistance,R in parallel to Cyr
at the LNT output is computed as follows (Figura)3making also use of the result of the
Chapter Appendix I.A. The impedance calculatiomgdhe switched capacitor theory cannot
be directly applied. The voltage acrossy{Cduring each clock phase has an exponential
response to the input test voltage’ Figure 3.b). The average current flowing inteyEis
given by the charge stored on it times the LO fesmy, and depends only on the value gf V
at the end of the phase. On the other hand, theageveRyr current is obtained integrating
lrint=VZ/R Nt in the same phase and observing that only halfhef ghases have to be
considered in the evaluation. Separating the dmurtidns, the differential equivalent BB driving
impedances due to ( and to Ryt are respectively:

2CntfLO RLNT

. 1
Zegsc = smh— . RLNTHRsw, (1 — e_(m)> (2)

1

Zgqsr = 4(Rpnt + Rsw) - mE—— (3)
<1—4—TfL0+4-TfLoe 4'TfLO>

where T is the time constant of the R nt-Cont Network. The equivalent BB differential
impedance £y is the parallel of Zyscand Zqsg and can then be used to get the mixer STF
by current partition, as explained above.

When Rw=0, Zegsc correspond to Zs(as expected) andedsr is equal to 4Rr. The latter
result can be understood noting tha{Ris seen from BB, during each LO period, for a time
equal to 1/(4f), and so its value is multiplied by 4egg=Zeosis also true if By#0 but Ryt is
infinite, under the assumption that the networkiegtompletely within the 25% DC time slot.

C. 25% duty-cycle quadrature chain equivalent BB drivihg impedance for
the BB noise evaluation

When analyzing the BB noise, the main differenctitie STF situation is that, to compute
the driving impedance of the | (Q) path, the cated test signal on the Q (I) path has to be
substituted with gs. Therefore the driving impedance is no more indepat from £g, as it
was for the STF. To simplify calculations an id@&h (i.e. Zgzg=0) is assumed (Figure 4.a).
This implies that when Gt is connected to the Q path it is fully dischardeak a real BB, this
simplification introduces an error in the modelh#s to be considered, however, that in a real
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Fig. 4 (a) Impedance test for the BB noise (b) BBaise quadrature chain model

current driven approach the BB impedance is alwaysh smaller than the RF output one, thus
ensuring a limited magnitude for such an error.

For this simple case, a real driving switched-capaimpedance goge=1/(CintfLo) results.
Moreover, since in each clock cycle the | (Q) nasared on Gt is discharged in the Q (I)
path, the noise originating from the | (Q) pathalso observed in the Q (I) path (I-Q noise
crosstalk). The final BB noise model is shown igufe 4.b. Notice that gggs (the noise
driving impedance) is 3 dB larger (in modulus) ttZ&ags (the STF driving impedance) but an
additional noise source is present in the Q path.

An alternative mixer model can be developed to @Rrphlso the noise of the mixer switches.
It is not object of interest to report it here, khe analysis can be found in the Chapter
Appendix I.B.

5.3 Passive mixer model versus simulations

The comparison with simulations is now given ordy the quadrature architecture, since it
is the most used solution in practice, and impldgingrthe base-band with a Rauch filter (i.e.
the E-Filtering ADC continuous time equivalent, @te 4, Figure 9). As seen a parallel RLC
input impedance is displayed in this way, with &affifrequency § and a quality factor Q. This
is also a representation of a more general caskiding the simpler RC parallel load. The
simulations have been done using Spectre PSS-PATQIFEN All the simulations have been
performed assuming simplified switches without edds®l parasitics. The LO frequency
assumed for the comparison is 2GHz.

A. BB STF driving impedance confirmation through STF smulations

Assuming that a complex input current tones¢=Ia-exp(j2tfret), with amplitude A and
frequency g=f o+, is injected by the RF differential current geater, and using the derived
model for Ry=0, the expression of the down-conversion gain the ratio between the RF
current and the current intggis (see Figure 2.a):

V2 (14)
. _ T 4-CLNTfLO
G@f) = +) . jenflpp 4)
4CLNTfLo'< 2, f

—27)ma
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being Lgs the BB equivalent inductance. When the more gérn&igs is used, the following
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versus STF model (c) PSS-PAC simulations versus del for different RF loads

STF is obtained (Rt is neglected in the first factor):

1 V2 ZEQs’
GG = . ™2 5
(]f) 1+j2ntfrrCLNTRSW ZEQS’= j2mflgg (5)

2, f
(1_f0_2>+]f0_Q

The simulated down-conversion current gain at thH&) output, obtained using typical
parameters values (=400fF, Rnr=2kQ, f,=3.2MHz, Q=0.7, R=10QQ2 (Rauch input
resistance)), is reported in Figure 5.a versusuiagy. The curves represent the down-
conversion gain forgE>f o and &e<f.o for the two cases of K=1Q and Ry=20Q. If the gain
obtained using (5) is drawn in this graph, theedghce would be almost impossible to detect.
To get a quantitative feel for the accuracy of iedel the difference between the value of the
conversion gain obtained with simulation and thalwital prediction obtained using the model
is plotted in Figure 5.b versus frequency. The founves correspond to positive and negative
frequency for both R=1Q and Rw=20Q. The values of the equivalent SC base-band driving
impedance (single ended), which are the valuesefrést in this context, are also shown.
Figure 5.c reports the magnitude of the max effr@j is varied from 100fF to 800fF, and
Rint from 25 to 2kQ. The small difference versus simulation for sudarge variation of the
parameters shows the solidity of the model. Thereg within 0.1dB in the whole 50MHz
frequency range, ensuring that the driving impedascorrectly estimated.

The frequency behavior of the gain (Figure 5.a) lbarunderstood in an intuitive way as
follows. Near DC (f<<f.o), and at high frequencygrg>>f o), the gain approaches that of an
ideal mixer. This is because in both these cashsrahe BB inductance or the BB capacitance
represents a short circuit, thus preventing angiptescurrent partition with Gt at RF. On the
other hand neag the finite BB input impedance causes a gain réoncFinally the new model
can correctly predict the asymmetry in the coneersjain between positive and negative
frequency around the carrier. This effect is emleeldidd the model through the imaginary part
of Zgqs, which gives rise to a complex transfer function.
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Fig. 6 (a) 25% BB noise model applied to the Raudiiter base-band (b) BB noise PSDs. Spectre
PNOISE versus model

B. BB noise driving impedance confirmation through nase simulations

Consider the noise contributed by the resistoinRhe | (Q) path (Figure 6.a). The simulated
noise power spectral densities (PSDs) due t@tRhe differential outputs M, and Vi qare
reported in Figure 6.b (solid and dashed black tespectively) for Ry=20Q and the same
typical parameters of the previous subsection. fiéguency range of interest has been chosen
equal to §. BB noise SC model has been used to derive thhespmnding PSDs expressions:

dv? Ry+Zgoee 1+j2mfC,(R2||ZE0BB
out,I — 4’kBTR1 2 Q . :2( 2 - Q ) (6)
df ZEQBB 1——+j—s
3 "foQ
2
dViutq Ry/Zgqe  1+j2mfCyR;

H 1+
2 foQ* 3 Y

where Q=Q Zeoee/(Ri+ Zeogs) 1.€. Qg takes now into account thegggs load.

These formulas are compared with simulation in Fedaitb (gray lines). | path model PSD
fits simulation with great precision. The max PSiog in the whole frequency range, is only
0.3dB and remains low even if is swept from 100fF to 800fF (65mdB and 0.75dBerr
respectively). Q path PSD is affected by a notigédé error (4 dB max) when the frequency is
near to the Rauch cut-off frequengyahd the error increases if\z is increased. This error is
due to the fact that zero BB impedance in the @ pBIA) has been assumed for simplicity in
the theory. However, as the frequency approachehd BB input impedance of the Q path
reaches its maximum value (parallel RLC networkesonance) giving rise to a significant
charge partition loss in the I-Q noise crosstafkaf The amount of the total integrated in-band
noise error is limited to about 1.75dB. It has édbserved also that this error affects the non-
dominant source of noise, and so is completelyigigdg if | and Q contribution are added.
Finally notice that the error becomes considerahlg when Gy is really larger than practical
ones (more than 0.5pF). These results still enhatalso in the BB noise case the base-band
driving impedance is estimated with accuracy.
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real mixer model
(Rsw#0 + ideal mixer)

= LOp
1

ZeQ (ideal mixer)

I LOp Zea= m + Rsw

1
L Norton Equivalence lineQ = IINRF

1+ jwCLNTRswW

Fig. 7 Finite switches on-resistance &y case. The equivalent Norton model

C. Useful passive mixer rules

The main purpose of this last subsection is toigdegome design numbers, in order to give
a direct link between the passive mixer analysi the design issues of Chapter 4 (describing
the E-Filtering ADC and the Rauch use into a celluéceiver chain).

In this sense, it has to be taken into considardtiat a reasonable value ofy€ goes from
200fF to 400fF, with the state of the art 40nm &6dm CMOS technologies. It is due to about
100fF/150fF of switch parasitic (2DRsw), 50fF of parasitic of the AC coupling capacitance
(2pF, used between the LNT and the mixer) and 20fHF of parasitic of the LNT output
stage. The correspondinggé i.e. the equivalent differential base-band digvimpedance, is
equal to 1.25(1+)}R/625(1+X2 respectively (625(1+)/312.5(1+X2 single ended) for a 2GHz
LO. These are not extremely high values, and foe aue smaller than those of an active mixer
solution. This requires synthesizing a very lowunimpedance base-band, to work correctly in
current mode. The differential driving impedance thle noise case is 2.8KL.25k2
(1.25K2/6252 single ended). This low value can amplify the baaed noise of a not-
negligible amount.

Chapter Appendix |

A. Non ideal switch and LO

Section 5.2.A/B made two simplifying assumptions, Rw=0 and ideal LO phases. It turns
out that removing the first one also removes tluoisé since it is possible to demonstrate that
the presence of overlap or dis-overlap can be testr(with an acceptable error) with an
equivalent non-zero 4.

If Rsw#0, it is no longer possible to directly separatefiom Gt at RF (using doubled
mixers A and B) but an intermediate step has t@drormed (Figure 7). First, the mixer is
converted into the cascade of the resistangg(flaced on the RF side) and an ideal mixer with
Rsw=0 [60]. Second the RF circuit is substituted withparallel Norton equivalent (evaluating
Iineo @and Zq). The equivalence is valid if constangRduring the on-period is considered, so
assuming that the circuit is a linear-time-invatiaatwork. At this point the base-band driving
impedance equivalent calculation can be performednasection 5.2.A/B. The RF current
generator can be down-converted and substituteld wgtBB equivalent. For the 50% duty-
cycle case the conversion gain fromgE to Iy gs, is still equal to 2 at low frequency but
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shows a low pass shape. When a 25% duty-cycle gumdrLO is used, the gain from dr to
Iings, (@) IS \2/z, and shows the same low-pass effect too. Foraypalues of By, the effect

is negligible for f comparable with,d. On the other hand, the value of the equivalent
impedance evaluated from the BB is affected byptiesence of Ry.

B. Mixer switches noise

Extending to the quadrature case the approachguged in [61] to explain the noise of the
mixer switches completes the passive mixer modehstier the noise of a switch. When a
switch is on, it injects its noise both into th@l) base-band and intq &. The amount of noise
charged stored on (& at the switch off instant of the transistor depend the value of the
Rsw-Cint time constant with respect to the d/time. This charge is discharged into the Q (I)-
(Q)-Q (I) paths during the next three phases olLtban which the switch is off. This behavior
is the same for all the switches. Due to the symimatchitecture, and assuminggZ0 during
the discharging phases, the noise of both the ki@ mixers is perfectly divided into the two
base-band paths.

If 1/(2nRswCinT)>>fL0, the noise is that of an equivalent switched cidparesistance. Such
a resistance isgdsw=2/(C.nrfLo) while the model is depicted in Figure 8.a.

The simulated noise PSDs at the differential ostpdt, and Voo due to the | (Q) mixer
are shown in Figure 8.b (solid and dashed bladak taspectively) for the typical sizing. Real
switching transistors have been used in the sinomate an Ry=20Q has been assumed and
parasitics have been included.

The SC noise model for the mixer switches (Figur@ ®as been used to evaluate the
corresponding predicted noise PSD. Remember tleamibdel considers equal contribution to
the | and the Q BB noise from the | (Q) mixer noiBlkee PSD is:

dVa,er  4kpT R,

— . (8

df Zegsw [1-F4i £
1 f%ﬂfoQ
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(8) is reported for comparison in Figure 8.b (giae). The values of &sw have been
evaluated considering also the parasitic capaatanthe switches. Good precision is obtained
in the fitting. A higher precision is obtained lifet noise (in an un-correlated way) in the | and Q
path is summed (about 0.45dB in band integrateat eesults). If Gyt is varied from 100fF to
800fF and the noise due to the mixer | is computexintegrated in-band noise errors are
-0.08/-0.25dB for the | BB and 0.65/2.3dB for thd8®. The presence of a bigger error in the Q
is explained by the ground discharging approxinma(ii;z=0) used in the model and is still
observed for much worse values of£than expected reasonable ones.
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Appendix |

Filtering ADC equivalent discrete time
analysis

In Chapter 2 the Filtering ADC narrow-band corglissented exploiting a continuous time
model. When the wide-band section of the FiltedidC is introduced, the need to carry out a
more correct discrete time analysis arises. Theriiig ADC (both the core and the complete
architecture) has the topology of a continuous tBigma-Delta. Such converters, in spite of
their name, are discrete time circuits, since thantjzer is driven by a clock. An implicit
sampling action is so performed in the modulatapl@and sampled blocks are discrete time
blocks [18, 62].

In this section a discrete time equivalent repriegem of the Filtering ADC is given. The
theory can be generalized to any continuous tinggn&iDelta design (of any order) and is
based on the continuous time/discrete time equicalelescribed by Norsworthy et al. in [19].
An equivalent analysis based on the Impulse Inaarieransformation [18] has been also
evaluated but it is not reported here, since vemglsdifferences have been observed in the
overall modulator behavior in the frequency ranfjmterest.

The main purpose of studying a continuous time Sifelta in a discrete time fashion is to
analyze its stability. The sampling in fact intreda an intrinsic delay in the modulator loop,
which has to be taken carefully into account toidtoe circuit instability. This delay is mainly
due to the comparators time finite response, tdabdback digital logic (i.e. DWA randomizer,
see Chapter 3) and to the DACs response. Moretiverfinite bandwidth of the operational
amplifiers of the loop filter contributes, sinceaske delay is time delay. The loop delay is the
most critical non-ideality of continuous time Sigidaltas [18, 6], since it affects directly the
functionality of the converter. Different methodavie been developed in literature to
compensate the extra loop delay effects, but thkese mot been tackled here, not to lose the
generality of the approach. It is possible to dest@te that the implementation of a loop delay
compensation technique [31] works for the FilterliQC proposed family as well as for the
traditional wide-band Sigma-Delta converters.

Then, a discrete time analysis is useful sincengpad (Z-domain) expression of the signal
and of the quantization noise transfer functiortr& Filtering ADC can be also achieved, to
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Fig. 1 (a) The Filtering ADC scheme (b) The Filterig ADC integrator based equivalent block
diagram
characterize the converter behavior with more amuthan in the continuous time domain.
Notice that this second element is less critical fiitering approach than in a traditional wide-
band one, since the band of interest in a selesygtem is similar to the desired signal narrow
band. Oversampling is in fact used and the sammlamendent effects are intuitively stronger
the more the frequency of interest is close tacthek.

The Filtering ADC scheme is reported in Figure (the@ damped original solution is shown
while the not-damped is obtained moving tR infinite). The clock has a frequency &nd a
period Ts. The theory [19] considers a single-bit quantizer it has been verified that it works
also when a multi-bit sampler is used since itaggrmed neglecting the quantization error in
the amplitude, but focusing only on the discretgetsampling.

The first step of the procedure builds an integrétmsed equivalent block diagram of the
Filtering ADC, as shown in Figure 1.b. The coeffitis of the scheme are obtained comparing
the transfer functions of the circuit and of thagtam. All the time constants are normalized to
Ts. The continuous time models of the DACs are uSdthpter 2). The coefficients are:

mpacTZ T -T
Al — gmpAcls 1 — S — S
C1C2Rq Cg2RB1 C1(R1]IRs)
m T T -T
A2 = &8fbAC2’S  poy _ S =_s (1)
Cp2 Cp3Rp2 CzRz
m T =T
A3 — gmpacsls Gl — S
Cps3 Cg2RNoTCH

The only difference with the original circuit isatha voltage normalization of the gain

architecture is given, multiplying the input curreignal by Al. Moreover, the feedback loop is
open, to evaluate the loop gain of the system. Albek diagram is useful to get the state-
equation description of the modulator, in the tisoenain. The outputs of the integrators are the

state-variables and the Filtering ADC is describgdhe following continuous time equations
[19, pa 158]:

X = AX + BV
{ u=CX @
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Fig. 2 Closed loop Filtering ADC poles versus the adulator loop delay. Delay from 0 to .

in which X is the state-variables vector X=[x1; %&; x4], X is ' the derivative of the state
vector, v is the feedback input signal, u is thepotisignal and 4 By and G; are the
continuous time matrices of the architecture. Tt signal in is not considered since only the
loop gain is of interest for the stability.

The continuous time matrices of the structure are:

P 0O 0 O —Al
1 0 0 0

ACt = 0 BQ]- 0 0 ; BCt = _AZ ; CCt = [0 0 O 1]' (3)
0 0 B2 O —A3

At this point the continuous time system can badfamed in the discrete time domain by
solving the state-equation and sampling the salutising the clock reference;. TThe impulse
response of the DAC is also evaluated to get the fiesult. Assuming a simple non-return to
zero DAC implementation, which is the most simplée realized, an equivalent discrete time
state-equation modulator is given as follows:

{X(n + 1) = AgX(n) + Bygv(n) + Begev(n — 1) y
u(n) = CaiX(n) @

Notice that the response of the DAC is divided iatbrst response multiplied byy8 (during
the ri" sample) and a second one multiplied hy; Bluring the delayed"s1 sample) to model
the feedback loop delay. The equivalence is peddrfor the discrete time matrices

Age = eACt; Badat = AEtl (eACt(l_tD) - I)Bcti Bedt = AEE (eACt - eACt(l_tD))Bct %)

where § is the total loop delay normalized tg. T
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Fig. 3 QNTF and STF for different converter cut-offfrequencies and loop delays. A second
order wide-band traditional Sigma-Delta is taken asxample
Finally the state equation can be moved in therélisdime frequency domain (Z domain) by
performing the Z-transform. Theyg(z) of the modulator is defined as:

Gloop(@) = 52 =22 (6)

and through it all the stability performance of tikering ADC are displayed, as a function of
the loop delay. 1+y(z) gives in fact the closed loop poles of thedfitig ADC. They can be
plotted versus the loop delay to evaluate not dmdystability of the block for a given delay and
ADC sizing, but also the maximum accepted loopyd&iat keeps the modulator stable. In this
way a stable and robust design can be performedpt€h3 and Chapter 4). It is possible to see
that increasing the loop delay, the high frequgraes of the wide-band section of the Filtering
ADC architecture tends to exit the unitary Z-domaircle, thus making the circuit unstable
(example in Figure 2, wide-band biquad). The polethe narrow-band biquad are almost not
modified by the delay and an additional pole (Extoe) is introduced.

The discrete time quantization noise transfer fionc{QNTF) and the signal transfer
function (STF) of the Filtering ADC, are also givas follows

1
1+G100p(Z)

QNTF(z) = ; STF(z) = QNTF(z) - Fw(z) (7)
where ky(z) is the transformation in the Z-domain of thg($j transfer function, i.e. u(s)/in(s)
(see Figure 1.b) assuming v=0. The QNTF can be msadiesign for a preliminary estimation
of the modulator noise shaping and of the absagusmtization noise level at the circuit output.
It has been verified, through simulations, thatreve STF(z) is not perfectly accurate
approaching § it remains sufficiently precise in the low frequg range of interest.

The continuous time/discrete time comparison iomeg in Figure 3 for a second order
traditional continuous time Sigma-Delta ADC (fomglicity). The solid black lines are the
continuous time responses. The dashed black lmeetha discrete time responses for zero loop
delay (ideal). The solid gray lines for @4 loop delay. For a givenskhe cut-off frequency of
the ADC is moved from §200 to F5/20. As expected (and stated before) in the |latise only
the discrete time behavior gives not negligibléedénces.
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Fig. 4 Simulink model of the Filtering ADC

A Matlab Simulink model has been also built to dewe, using transient analysis, the
behavior of the complete Filtering ADC, neglectinige non idealities of the circuit
implementation. In this way, the STF, the QNTF &mel dynamic range profile (Chapter 1) of
the modulator can be achieved reducing of a biguatnihhe simulation time, with respect to the
real transistor-level simulations. The Simulink rabdannot be used to analyze the thermal
noise, but vice-versa considers the quantizatioisenmot only as a white representation
(quantizer), and takes into account all the effeftshe sampled data behavior (Zero Order
Hold, ZOH). The model is shown in Figure 4. B(s}he continuous time equivalent transfer
function of the narrow-band Filtering ADC biquabdtoriginal Filtering ADC architecture) and
models also the presence of the finite base-bamthgimpedance R

Appendix I

Clock jitter noise in the Filtering ADC

Clock jitter noise is probably the most importanhtinuous time Sigma Delta non ideality
after the loop delay one. The sampling operatégtierquantizer is affected by a timing error, if
the clock reference is not pure. The quantitatheasare of such a timing precision is given by
the clock phase noise, in the frequency domain,kgnthe corresponding clock jitter noise, in
the time domain. The purpose of this section ibrtefly explain how the phase noise profile
translates into jitter noise, and how much thistbrthe performance of a Filtering ADC Sigma-
Delta (Chapter 2). The analysis can be generalinethe entire family of continuous time
Sigma-Delta converters. It has been developedirgjafitom the literature that has faced the
jitter issue in the last 15 years [62-73].

An error, in the timing reference of the FilteriAdpC internal sampling, generates both an
amplitude error and a time error. While the fisthigh pass shaped by the Sigma-Delta loop

89



Appendix | and Appendix |1

(a) !‘ﬁ%? Nlevels (b) A
x(t) G(s) —¥— 1 =)

|_| |—| ideal
(11 =

A4DAC 11 N ] i

u || time

Fig. 5 (a) Clock Jitter noise model of a continuoume Sigma-Delta ADC (b) Feedback
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filter, as it occurs for the quantization noised a so negligible, the latter is transmitted & th
modulator input node, through the feedback DAC,sthlirectly affecting the maximum
dynamic range achievable by the converter. Figuaer&ports the model of a continuous time
Sigma-Delta converter when clock jitter noise isimrest. The clock frequency fin the
Figure is assumed ideal. Figure 5.b shows the sporeling feedback path responses, i.e. the
ideal one without jitter (A), the jitter noisy ofiB), and the real one (A+B). It is known that the
use of a shaping of the DAC response can haveeiffeffects on the jitter [62-63]. In this case
the simplest non-return to zero DAC is considered.

The jitter error is a pulse shaped error (Figut®.3t can be simply expressed as follows
[63]:

enrz(n) = [y() —y(@ - DI (8)

where n is the htime instantp, is the g, timing error, y is the signal sampled in the |
Tsis the clock period. A single-bit feedback is ased at this level. The sampled signal y is the
sum of two quantities [64]; the first is the sigdale to the quantization error, the second is the
effective signal (desired in-band one and interBreBoth are evaluated at the output of the
modulator. Due to this, in the following, the jitteoise contribution is divided into two sub-
sections. From one hand the jitter noise contrdsutiue to the quantization noise is considered
(jitter quantization noise), then the signal depsmdcontribution is described (jitter skirts
noise). Jitter quantization noise is typical ofaattnuous-time Sigma-Delta modulator, it has to
be considered also in the absence of input sigméldepends on the number of levels of the
quantizer. Jitter skirts noise is equivalent tolhése introduced by each sampler, even outside
a Sigma-Delta loop and can be not-negligible ingiesence of high interferers.

Quantization noise jitter is traditionally tackledliterature [62-63] [65-68]. The pulse error
described in (8) is re-written as:

exnzq(n) = [a(n) —q(n = DI (9)
in which q is the quantization noise dependentadigihe corresponding error variance is:

of
O-gnrzq = _S . (10)
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op is the standard deviation of the timing erfiarand cy2 takes into account the probability
distribution of the quantization signal, i.e. imkéd to the probability of having or not a
transition between the output quantizer levelssT$ia key element since only the presence of a
transition introduces jitter noise ((9)).

From literature different expressions of quantimatjitter noise are reported, and they mainly
come from intensive time domain simulations. Th#edences among them rely on tb@2
value. In [63] it varies from 2.8 to 4.5, in [62]i$ 2.8, in [65] it is 1, in [66] it is 3, in [644nd
[67]itis 1.2 and in [68] it is 3.7. Due to the rechan 6dB variation of the presented results, the
worst case value 4.5 has been chosen for the éwaiuased in Chapter 4. According to the
analysis proposed in [69] and [64] the quantizatimoise jitter could be also evaluated
analytically starting from (9). The procedure hasib implemented using Matlab and a factor
6.2 forc,”has been obtained.

The final expression achieved for the estimatiorthef quantization jitter noise contribution,
measured in ¥and integrated in the signal band of interesthatoutput of a Filtering ADC
(continuous time Sigma-Delta) is:

og 1 1

v =4 - (Vggp)? - 0y . (11)
OUT,QUANT_JITTER Y72 OSR NE,o

The factor 4 takes into account the differentiaplementation, Wer is the single ended
reference voltage of the quantizer (internal AD,eis IS its number of levels, and OSR is the
oversampling ratio of the Sigma-Delta.

The literature explains also how the jitter Val"h'ﬂl(ti‘ﬁ/Ts)Z can be obtained from the phase noise
profile of the clock reference. In this context teriod jitter is of interest (i.e. the variance of
the difference of each period with respect to tleal period §) and the formula is:

2
;_g % fOFS/Z L(f) sen?(nfTg)df.  (12)
L(f) is the double side band phase noise profilthefclock and, being the phase noise evaluated
at sampled instants, the integration limit g2H70-73].

Jitter skirts noise is due to the fact that thecklepectrum phase noise skirts are reported
over the sampled signal, thus increasing the rftose and affecting the SNR. The most critical
situation is the presence of a high power interfesimce the phase noise skirts of the sampled
blockers fall in-band corrupting the weak desirigghal. This case is depicted in Figure 6. When
sampling a signal at frequency, Ehe phase noise skirts “pass” on the signal attestl by the
factor (F/Fs)® [70]. The final expression achieved for the estiamof the jitter skirts noise
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contribution, integrated in the signal band of iagt, at the output of a Filtering ADC
(continuous time Sigma-Delta) is so:

F V Fr\2
V(%UT,SKIRTS_]ITTER = fplz L(H) df - %' (F—;) . (13)

in which Vour, is the peak differential amplitude (measured in df)the interferer at the
sampling interface and.f; is the RF channel band of interest. Notice that Hiltering
solution, with respect to a wide-band one, benefitthe filtering, since ¥y, corresponds to a
filtered amplitude.

(11) and (13) have been used during the GSM-UMT&yais shown in Chapter 4. They
provide only a first level estimation of the jittessue in a Filtering ADC, but the result is still
sufficiently accurate for the purpose of the stutige main difficulty in the simulation is the
very long simulation time required to model andl&dect with accuracy a small timing error in
comparison to the large numbers of clock periodsired to get an acceptable statistic.
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Conclusion

In the application field of wireless receivers, t8a@fre Defined Radio oriented architectures
are arising great interest. Even if a full-silicdually digital, reconfigurable and multi-standard
radio is still unfeasible, over the last decadded#nt structures have been facing the issue to
handle critical RF scenarios in a low-cost fashion.

In this thesis two architectures of Filtering Anglim Digital converter, able to represent the
entire analog base-band of a wireless receivemchweere presented. Their main benefits are
two. On one hand they move the analog to digit&rface after the down-conversion mixer, to
exploit the lowest-cost scalable and highly reagunfable digital processing as soon as possible
in the reception. On the other hand they attempetiuce the bill of material, which is bulky
and expensive, due to an intrinsic blockers ratiland high performance nature.

In Chapters 1 and 2 the Filtering ADC based recenas introduced as a concrete step to
the CMOS software defined radio. New definitionss@nal to noise and distortion ratio and
dynamic range were given to address the frequeapgritient environment which is object of
interest. Besides the Filtering ADC topology arsdgtFiltering ADC evolution were described.

Chapters 3 and 4 showed three different applicatminthe proposed base-band. First the
Filtering ADC was used as the complete analog baset of a digital terrestrial television
(DTT) tuner (Marvell Semiconductor). The receivempleits the Filtering ADC benefits to
handle both the European DVB-T standard and the G\T®nerican one, thus facing a
worldwide market. Second, the ability of an E-Fihg ADC based receiver chain to detect the
desired information in the challenging cellular ieamment was demonstrated through
simulations. Third, a GSM-UMTS multi-standard chambedding the E-Filtering ADC Rauch
filter counterpart, was integrated and measured.

In Chapter 5 the RF/base-band interface issu#ise iflown-conversion stage is realized with
a current driven passive mixer, were tackled. A aniintuitive model, able to predict the
equivalent base-band driving impedance for botmthise and the signal transfer function, was
described and verified through simulations, shovgagd accuracy.

Appendix | and Appendix Il dealt with the discrdime equivalent representation of the
Filtering ADC and with the clock jitter noise issokthe presented base-band.

The DTT and the GSM-UMTS base-band prototypes Viaeicated in 90nm and 40nm
CMOS technology. In both cases a comparison wihsthte of the art was provided, showing a
performance in line or even better. In this sers®e Filtering ADC analog base-band was
proposed as a smart and low-power further stefh meispect to the existing solutions, in the
direction of improving the immunity of receivershigh power blockers.
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